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ABSTRACT 

Error control decoders are widely used in communication applications. Analog 

CMOS implementations of error control decoders may outperform digital 

implementations in portable applications where power is limited. However, there have 

been little circuit level analyses of analog decoder designs. This dissertation covers the 

related analog circuits in the decoder design based on the extended (8, 4) Hamming code 

decoder design. 

The decoder utilizes a serial input/output interface with a pipelined architecture. It 

receives the analog signals serially and then processes the data in parallel, finally 

returning the hard decision serially. The decoder’s performance is analyzed along with 

the possible effects of mismatch. A decoder chip is manufactured in 0.5� m CMOS 

technology and the real test data of the analog decoders are provided for the first time. 

The subcircuits comprising the error control decoder include sample-and-hold 

circuits, comparators, and basic computational cells. This dissertation presents various 

designs for these circuits and explores the pros and cons of each. The trade-offs among 

noise, power, speed and area are studied for each analog circuit. Different decoder 

requirements may require different subcircuit designs. The analog circuits are simulated 

using SPICE and also manufactured in test chips with the same 0.5� m CMOS 

technology. Experimental results on these fabricated circuits are used to validate our 

analytical and simulation results. 
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CHAPTER 1 

INTRODUCTION 

1.1 Motivation 

Led by the booming wireless communications industry, many coding technologies 

have been developed in recent years to accommodate the demand for efficient and 

reliable data transmission [1][2][3]. Channel coding is one of the major research areas of 

coding technology. Channel coding adds redundant information to the transmitted data. 

This redundant information allows the receiver to preserve the original information by 

detecting and correcting errors caused by a noisy channel. Using channel coding 

technology, a desired communication system may achieve better performance and more 

closely approach the theoretical Shannon limit [4]. 

Hardware decoders using digital circuits have been designed for many widely 

used channel codes such as Turbo codes and low-density parity-check codes [5]. These 

codes require the corresponding decoder to process large amounts of parallel data in 

order to deliver real time results. However, the digital circuit approach cannot fully 

satisfy the increasing demand for low power consumption. Research into subthreshold 

CMOS circuits by Mead and others have demonstrated that complex parallel analog 

computations can be performed with very low power dissipation on a single chip [6]. 

Recently, researchers have begun to utilize analog circuits in error control decoder design 

[7]. Preliminary results show that analog decoders can achieve good system-level 
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performance [1][7][8]. Instead of using many bits to represent one number, analog 

implementations use a single analog voltage or current to represent one number. This 

allows for massively parallel decoders to be implemented on a single low-power chip. 

For certain computational tasks, analog circuits outperform their counterparts, digital 

circuits, when performance metrics such as power consumption and chip area are 

considered. 

Analog VLSI circuits can be used to add or multiply currents and thus realize a 

sum-product operation. This is the fundamental operation in probability propagation 

networks, as observed by Frey [9], Kschischang [10], and Aji [11]. An analog VLSI 

implementation of the sum-product operation is successfully achieved and reported in 

[7][12]. Bipolar-CMOS, or BiCMOS, technologies have been used to implement these 

computational elements [1][3][13][14]. Since the current-to-voltage relationship of 

CMOS transistors resembles that of bipolar transistors when operating in the 

subthreshold region [15], researchers have recently begun to implement analog decoders 

at the circuit level using pure CMOS technologies [16][8]. 

To test the feasibility of using CMOS to implement analog decoder chips, we 

choose an extended (8, 4) Hamming code decoder due to its popularity in the 

communication coding area. We chose a 0.5mm CMOS technology for our 

implementations. The analog decoder uses a maximum-a posteriori (MAP) decoding 

methodology, which requires all 8 bits of each code word to arrive in parallel. However, 

because traditional communication channels transmit data serially in time, and because of 

pin limitations in integrated circuit (IC) packages, we must use a serial input/output 
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interface for the decoder chip. Hence, a serial input/output interface is inevitable. The 

interface design is part of this thesis work. 

Along with the serial input/output interfaces, the analog decoder design must also 

be considered. Here, there are more challenges in realizing CMOS circuits on such 

decoder designs, such as device mismatch, noise, layout area, power consumption, and 

speed. Some system-level work has addressed the effects of these hardware limitations 

[17][18], but there has been little detailed circuit-level analysis of analog decoder 

designs. By fabricating and testing several experimental chips, detailed transistor-level 

circuit models for a decoder are studied in this research work, and the experimental data 

has been compared to analytical models. 

1.2 Contributions 

With the combination of both theoretical analyses and experimental work, the 

related analog circuit design issues are studied for the error control decoders based on (8, 

4) Hamming code decoder. Mainly there are five major contributions in this dissertation. 

The first contribution is realizing the serial/parallel interface in CMOS. The 

decoder was designed and tested to validate the pipelining analog architecture. No 

researchers have ever given real test results for all analog CMOS application for the error 

control decoders yet. 

The second contribution is measuring transistor mismatch in a real CMOS process 

and using this empirical data to show the algorithm is robust. It is seen that practical, 

typical mismatch in a modern CMOS technology will not significantly degrade the 

computation core performance. 
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The third contribution is identifying the best corresponding Sample-and-Hold 

(S/H) circuit for the possible application in the decoder design. Some novel results are 

explored in the dissertation. One simple S/H even outperforms differential pair in view of 

charge injection error. The op-amp in the analog buffer is the limiting factor in terms of 

both speed and power. 

The fourth contribution is developing a Monte-Carlo simulation technique for 

determining comparator accuracy based on transistor mismatch data. Except for the 

accuracy study, power analysis is also provided. Based on the research, the power 

consumption bottleneck is lying on the input interface instead of output interface. 

The fifth contribution is reducing noise effect in the core computation blocks. 

This dissertation develops sizing methodology to reduce noise in the core without adding 

layout area or power. Several different sizing techniques are compared and simulation. 

Finally the results are validated in a test chip. 

1.3 Thesis Outline 

This thesis work is based on a study of an (8, 4) extended Hamming code analog 

decoder. Chapter 2 introduces the decoder’s pipeline architecture, which uses a serial 

input/output interface. Experimental results from a fabricated decoder chip prove the 

feasibility of this design. However, the system-level performance may be limited by 

circuit errors, primarily the device mismatch, which is discussed in Chapter 3. Based on a 

systematic analysis, circuit-level details are discussed in the following chapters. In 

Chapter 4, the input interface is illustrated, mainly focusing on the design and test of 

sample-and-hold circuit. The output interface, including comparator design, is discussed 



 

 

5

in detail in Chapter 5. The computation cell circuit design issues are discussed in Chapter 

6. Finally the thesis work is concluded in Chapter 7. 

 



 

 

CHAPTER 2 

ARCHITECTURE FOR THE (8, 4) EXTENDED HAMMING CODE DECODER 

As introduced in the last chapter, analog CMOS circuits have some competitive 

advantages over its counterpart, digital CMOS circuits, in the communication area. To 

explore the feasibility of using analog circuits, an (8, 4) extended Hamming code decoder 

is designed and fabricated in 0.5mm CMOS technology. The decoder uses a maximum-a 

posteriori (MAP) decoding methodology, which requires all the data to arrive in parallel. 

However, the communication channel gives data in serial, and because of the pin 

limitation of the package, we must also use a serial input/output interface for a chip. 

Hence, serial input/output interfaces are inevitable. In this research work, a novel, 

pipelined serial-in-serial-out interface is designed to provide the computation core with 

parallel input signals. The detailed architecture of this interface is introduced in this 

chapter along with the testing results. 

2.1 The (8, 4) Extended Hamming Code and the Decoding Algorithm 

No communication system is noise-free. A typical communication system 

includes a source, a channel (with noise) and a receiver [19]. If a piece of information u is 

transmitted through the channel, the receiver gets not only the information u, but also 

channel noise n. To reduce the noise effect, some redundant information can be added to 

the original information u. This is known as encoding. A brief encoding/decoding system 
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is shown in Figure 2.1. The encoded information x, instead of the original information u, 

is transferred through the channel. The signal out from the channel in fact includes both x 

and unwanted noise n. When the decoder receives the signal y, which is x plus n, it tries 

to retrieve the original information u from the received information y. However, some of 

the noise-deteriorated information cannot be recovered. What the decoder provides to the 

sink is the most probable sent data sequence û . 

 
Source Encoder 

Channel 

Decoder Sink 

Noise 

û  

u  

 n  

 x  

 y  

 

Figure 2.1 A Brief Model of a Typical Encoder/Decoder System 

Many coding theories have been developed. The Hamming Code is one of the 

most widely used linear block codes that can correct single errors [19][20]. This is also 

the reason why the decoder for the Hamming code is demonstrated in this thesis, for it is 

a basic demonstration of the error control product code decoders. Research presented in 

later chapters is also based on the Hamming code decoder. 

The (8, 4) Extended Hamming Code encoder takes a block of four digital 

information bits u and uses a generator matrix G to produce a block of eight-bit codeword 

x as in Equation 2.1. 

Gux ×=         (2. 1)  
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where the generator matrix G is given by: 

�
�
�
�

�

�

�
�
�
�

�

�

=

11000110

11110000

01101100

00001111

G       (2. 2) 

The four input bits of u decide that there are only 16 valid sequences of x. The 

minimal “tail-biting” trellis diagram [8] for the (8, 4) extended Hamming code encoder, 

as shown in Figure 2.2, provides a graphical description of all the allowable codewords. 

The trellis diagram is just like a state-machine diagram, giving the specific states that 

may be entered by an encoder as it produces a codeword. It is called “tail-biting” because 

the final state is connected to the initial state. A path through the trellis is valid only if it 

begins and ends in the same state. The branches in the diagram indicate allowable state 

transitions. The upper branch represents a state transition of input ‘0’ while the lower 

branch stands for a state transition of input ‘1’. The outputs for those transitions are 

labeled beneath. The sequence of the output labels corresponding to a valid path through 

the trellis is a valid codeword. 
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Figure 2.2 Minimal Tail-Biting Trellis for the (8, 4) Extended Hamming Code 

The states are labeled sequentially from top to bottom starting with ‘0’. The states 

with even indexes are the results from the branches with input of ‘0’ while the states with 

odd indexes are the outcomes from the branches with input of ‘1’. Hence, we can get the 

probability of the input bit from the probability of each state, which can be derived from 

the received signal. 

The 8-bit codeword x is transmitted through the noisy channel. When the decoder 

receives y, the deteriorated signal from the channel, the decoder should derive what is the 

most probable 4-bit input information û  from the received sample y. Those samples are 

always received in a sequence, which is denoted as y. 

In real communication systems, the sequence of samples y is provided as “soft” 

information, i.e., the probability of ‘0’ or ‘1’ of each received bit. Ideally the output 

should be 3V when the ‘1’ has been transmitted while the output should be 0V when the 

‘0’ has been transmitted in a circuit powered from a 3V supply. However, the noise 

corruption causes the output to be a value between 0 and 3V, which reflects the noise 

influence. The probability of ‘1’ is higher when the voltage is larger than 1.5V. 

When the decoder receives “soft” information, it tries to give the most probable 

estimate of the original input sequence u, known as the MAP decision. The MAP 

algorithm used is known as the BCJR algorithm [21], which uses the probability 

information propagated through the trellis forwards and backwards [22][23]. After 

iterating around the graph several times, the forward and backward probability estimates 

are combined to give the final estimates of the information bits. The detailed algorithm is 

introduced in [8]. The final probability of every MAP information bit ju  is estimated by: 
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( )
{ }
�
Î

×==
2,0

)()(|0
s

jjj ssyup ba      (2. 3) 

( )
{ }
�
Î

×==
3,1

)()(|1
s

jjj ssyup ba      (2. 4) 

where 3 2, 1, ,0=j  is the time index of the trellis in Figure 2.2, 3) 2, 1, ,0(Îs  is the 

particular state in the trellis section j, )(sja  is the calculated forward propagating 

probability of the state s at the section j, and )(sjb  is the backward-propagating 

probability. The final digital bit output jû  is decided by choosing the greater of the two 

probabilities in Equation 2.3 and 2.4. 

These equations show that the basic algorithm is a sum-product algorithm, which 

means addition and multiplication operations. In the circuit realization, the probabilities 

are represented by current values. Simply connecting two lines together gives the 

summation of two currents while the multiplication of the currents are realized by the 

Gilbert Cell, which is shown in Figure 2.3. The cell here is only illustrated with NMOS 

while it can be composed of PMOS as well. 

Iin1

Itot

Iout2

Vref Vref

Iin2

Iout1

 

Figure 2.3 Basic Gilbert Cell 
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To obtain the multiplication function, all the transistors in the Gilbert cell should 

operate in weak inversion, i.e., in the subthreshold region, where the drain current is an 

exponential function of gate voltage. Generally the inversion boundary can be defined as 

in terms of voltage or in terms of current, which are given in Equation 2.5 and 2.6 

respectively. 

�
	

�



�

-<

->>+

+>

inversioneak          w                    mV100

inversion moderate     mV100mV100

inversion strong                             mV100

TGS

TGST

TGS

VV

VVV

VV

  (2. 5) 

where VGS is the gate-source voltage and VT is the threshold voltage including any 

possible body effect. 

�
	

�



�

<

>>

>

inversion weak                                         1.0

inversion moderate                              1.010

inversion strong                                          10

SD

SDS

SD

II

III

II

  (2. 6) 

where ID is the drain-source current and IS is given by: 

L
WUC

I Toxn
S k

m 2'2
=        (2. 7) 

where � n is the carrier mobility, Cox’  is the gate capacitance per unit area, UT is the 

thermal voltage kT/q, �  is the subthreshold gate coupling coefficient which is typically 

around 0.7, and W and L are the transistor’s width and length. 

When the transistors are working under weak inversion, the saturation current 

exhibits the exponential characteristic as: 
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where T
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U
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Toxn e
UC

I
02'

0

2
k

k
m

-

=  is a constant based on process and temperature only, and VG 

and VS are the gate voltage and the source voltage. Then the output currents of the above 

Gilbert cell in Figure 2.3 are derived as: 

tot
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II

I
I ×

+
=

21

1
1        (2. 9) 
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I
I ×

+
=

21

2
2        (2. 10) 

The denominator of the above two equations, (I in1+I in2), is usually constant, which 

can be realized by a normalization cell. Therefore, Iout can be considered as the product of 

I in and Itot. With 2́ 1 inputs in the example, there are only two outputs, but this cell can be 

further used with m´ n inputs as well. The corresponding output current of many inputs is 

the multiplication of the two input currents going through its gate and source. The 

detailed illustration of m´ n input cell is shown in the next chapter. Theoretically, this 

basic cell can be used to realize any combination of the sum-product algorithm, including 

the algorithm for the Hamming code decoder. 

2.2 Pipelining Input/Output Interface 

After the introduction of the extended (8, 4) Hamming code decoding algorithm, 

what is emphasized here is that the algorithm takes 8 analog inputs (the probability of ‘0’ 
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or ‘1’ of the 8-bit codeword) and gives 4 digital outputs (the most probable 4-bit input 

information). However, real communication systems typically transfer information 

serially in time, which makes a serial input interface necessary. Moreover, the pin 

limitation of the large-size product code decoder requires serial input/output interfaces as 

well. For example, even a decoder for the relatively small-size (16, 11)2 Turbo product 

code needs at least 162=256 input pins and 112=121 output pins if it is built with a 

parallel interface. Of course this pin requirement cannot be reached, so a serial 

input/output interface must be used to realize analog decoders for product codes. 

To add serial input/output interfaces to the system, the common way is to use an 

ADC/DAC for the serial inputs and outputs [1]. However, the data conversion circuits 

have significant area and power cost. A pure analog realization that does not use data 

converters may outperform the digital approach with its more power-efficient design. 

This dissertation proposes a pipelining plan to realize analog computation with 

serial inputs and outputs. The idea of the input interface is to use sample-and hold circuits 

to hold the serially-input data one by one and then provide all the required data for 

computation in parallel. Since the outputs from the comparators are already hard 

decisions, (i.e., digital signals), the serial output interface can be realized by a standard 

digital register approach, which is the same as the one used in other ADC/DAC designs. 

For an (8, 4) extended Hamming code decoder, there are only 8 inputs and 4 

outputs for the computation, which is applicable with a parallel interface. Thus, it is a 

good choice for the proof-of-concept design because the data can be compared with or 

without a serial interface. 
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The input data are log-likelihood-ratios (LLR) of the probabilities, i.e., 

ln[P(1)/P(0)]. To convert the data back to the probabilities, a differential pair is used. The 

differential pair exhibits a logarithmic relationship between the two input voltages and 

the two output currents, i.e., )/ln( 01 IIV =D . Using a reference voltage standing for the 

same probability of “1” and “0” as 50%, the difference between the input signal and the 

reference voltage can be converted back into two output currents, which are proportional 

to the probability of 1 and 0 of every bit from the channel. This LLR input utilizes fully 

differential design, where the reference voltage input can offset some signal-independent 

noise. From the view of the circuit implementation, it eliminates the common-mode noise 

from fundamental and makes the system more robust against the noise fluctuation. 

The LLR signals go through the core computation block after they pass through 

the differential pairs. The algorithm of the computation block is introduced in the last 

section and the detailed circuit realization of the computation block is illustrated in [8]. 

The outputs from the computation block are the soft outputs of the probability of “1” and 

“0”, which need comparators to give the final hard decision of “1” or “0”. 

Figure 2.4 is the brief system block diagram for the extended (8, 4) Hamming 

code decoder with the serial input/output interfaces [24]. As stated above, the design is 

fully differential to improve immunity from substrate noise and other extrinsic noise 

sources. Therefore, there are two sample-and-hold (S/H) circuits for each “soft bit” to 

store both the input LLR data and the reference voltage. There are three pipelining stages 

in total. Each stage has 8 clock cycles, corresponding to the eight input bits. At the first 

stage, both the input data and the reference voltage are stored locally with sample-and-

hold cells when they are scanned into the chip through the data line by the control of 
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“sel0” to “sel7”. At the second stage, all the data are passed in parallel to the computation 

blocks for the analog computation when the “sel7/pipeline” signal is enabled. The “soft 

output” signals generated by the computation blocks represent the probabilities that the 

received bit is a “1” or a “0”. At the end of the second stage, comparators generate digital 

decisions by comparing the two probabilities and latch the data simultaneously for all the 

outputs with the “vlatch” signal. Finally the last stage uses the shift registers to send the 

data off chip serially. 

 Input 
Data 

Sel7 
/pipelining 

sel6 sel7 sel0 sel1 

vlatch 

S/Hs 

Computation Block with Differential Pairs 

S/Hs 

Comparator 
with latch 

sel2 sel3 

S/Hs S/Hs 

Comparator 
with latch 

S/Hs 

Comparator 
with latch 

S/Hs 

Reference 
voltage 

out0 out1 out3 

S/Hs S/Hs S/Hs S/Hs S/Hs S/Hs 

Serial 
Output 
Data 

Sel0 Sel1 Sel(n-1) 

 

Figure 2.4 System Block Diagram 

A detailed timing diagram is shown in Figure 2.5. The “sel0” to “sel7” signals are 

the enabling signals for the S/H cells, which realize an analog MUX to store analog input 

signals locally as the input data are scanned into the chip one clock cycle by one clock 

cycle. The “sel7” signal is also used for the pipeline-enabling signal at the second stage; 

all the data are passed in parallel to the computation blocks when it is enabled. The 

“vlatch” signal is used in the comparator cells to trigger the comparators and synchronize 
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the output signals at the second stage. Most of the second stage clock cycle time can be 

used for the computation as the comparator only needs a few clock cycles to latch and 

settle down. The third stage uses shift registers, which only need clock signals to trigger. 

There are only four bits of digital output data, so only half of one-stage clock cycles are 

used for the output. 

 

Figure 2.5 Timing Diagram for Analog Decoder with Pipelined Inputs 

From the timing diagram, it can be seen that the input interface allows continuous 

serial data transmission without the need for any “breaks” or pauses in the input signal 

between code words. The circuit supplies parallel inputs for the core computation blocks 

while the serial input is running. Obviously, this allows computation blocks to work N 

times slower than the serial input interface given an N-bit codeword. Since the 
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computation blocks can work more slowly, it gives the analog BCJR algorithm extra time 

to converge. Given the same input data stream, the speed in the core computation cell can 

be slower with larger codes. As we know, slower circuits can be generated with less 

power. Typically, the multiplication function cell (the Gilbert cell) [15] is working under 

moderate or weak inversion to minimize power consumption, which can be achieved with 

a large code algorithm. 

2.3 Testing Results 

The chip is fabricated in a 3-metal, 2-poly 0.5mm commercially-available CMOS 

process from AMI. The final chip photo is shown in Figure 2.6. The chip size is 

1.5mḿ 1.5mm while the active circuit size is around 0.9mm´ 0.9mm. 



 

 

18

 

Figure 2.6 Chip Photo 

As shown in Figure 2.7, two programmable arbitrary waveform generators 

(Agilent 33120A) are used to produce the input data signal and the clock signal. The 

input data signal simulates the output of a real channel. It is synchronized with the clock 

signal, and the synchronization signal is also used to produce the reset signal for the chip. 

The four-bit output codes are recorded by a mixed-signal oscilloscope (Agilent 54622D), 

which is capable of simultaneously monitoring all relevant analog and digital signals. All 

test instruments are controlled and monitored by a computer over a GPIB bus. The input 

and output data are processed using MATLAB. 
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Figure 2.7 Block Diagram of the Testing Setup 

The testing setup is shown in Figure 2.8. The two waveform-generators are shown 

in the upper-left corner and the oscilloscope recording the signals is shown in the upper-

right corner. These instruments are also used in mismatch and cell testing reported in 

later chapters. 

 

Figure 2.8 Test Equipment 
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According to the principle of the encoding/decoding algorithm, a frame of 106 4-

bit source messages is generated randomly. These 4-bit messages are encoded into 8-bit 

Hamming code words using Equation 2.1. Noise is added to generate a simulated channel 

output with a specified SNR. These noisy, coded data waveforms are programmed into 

the arbitrary waveform generator to provide the serial input signal into the chip at a rate 

of 425kHz. Figure 2.9(a) shows one such analog serial input signal to the chip. Figure 

2.9(b) shows the system clock and the four digital output bits. Note that the parallel 

decoded output signals are eight times slower than the serial input bits. Decoding occurs 

continuously, and the pipelined input design allows computation to proceed at a constant 

flow with no need to pause the input signal after every eight bits. 

 

(a)       (b) 

Figure 2.9 Testing Results 
(a) Analog input signal and (b) digital signals, grabbed from oscilloscope.  
 (Output signals are 8 times slower than the clock with 8 serial input bits.) 

 

The glitches and the delay of the last output bit Dout3 are caused by a layout flaw 

in the corresponding comparator, which is substituted with an off-chip comparator 

instead. Although most of the errors can be corrected in post-processing, they still cause 
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different testing results in this bit. This is also one of the reasons why the performance is 

separated by bit-position. Figure 2.10 shows the chip performance testing results from the 

decoder. The x-axis shows the energy-per-bit/noise-density ratio (Eb/N0) in dB at the 

receiver input while the y-axis shows the bit error rate (BER) which is measured at the 

receiver output. Each data point is also given with the confidence interval. The lower 

solid curve represents ideal decoder performance from simulation while the upper dotted 

curve sets the boundary of an uncoded performance [25]. 

 

Figure 2.10 System Performance of Testing Results 

As stated above, the synchronization signal is provided by the function generator 

and is used as the reset signal to trigger the oscilloscope. Due to unresolved equipment 

problems, the synchronization signal fails occasionally and fails to trigger to 

oscilloscope. The errors caused by this cannot be compensated by data processing and 
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therefore result in a performance loss. For these reasons it is difficult to test at speeds 

which are greater than 1Mbps or less than 2kbps. This makes it impossible to test the chip 

under true weak inversion. From Equation 2.6, the current should be less than about 4nA 

to ensure subthreshold operation. However, this operation needs the speed to go less than 

1-2kbps, which is too slow to be tested by the equipments, so there is no test result for 

truly weak inversion operation. Fortunately the system performance won’t degrade too 

much with strong inversion operation. The system performance of strong inversion is 

illustrated in Figure 2.11 [18]. 

 

Figure 2.11 System Performance under Strong Inversion Operation 

The relationship between the speed and the performance is shown in Figure 2.12, 

which shows the test results with different data throughput (the number of decoded bits 
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per second) when the bias current is set to 58nA. It is clear that the system shows better 

performance with lower data throughput. The reason is the slower speed gives the 

algorithm more time to converge and therefore gives more accurate decisions. 

  

Figure 2.12 System Performance vs. Data Throughput Biased at 58nA 

We discovered other circuit issues involving mixed signal interference. In the 

layout, one of the analog output signal lines is in parallel with the digital clock signal and 

this causes interference shown in Figure 2.13. When the digital clock signal flips, it 

causes a glitch at the analog output signal. This also shows that there are a lot of detailed 

analog circuit design and layout issues related with the analog decoder design. From 

those mixed signal design issues, rises the motivation for this research work. 
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Figure 2.13 The Analog Output with Interference from a Digital Signal 

As discussed in this chapter, using the coding and decoding algorithm can 

eliminate part of the noise interference to improve the communication system 

performance. The (8, 4) extended Hamming code is one of the coding algorithms. The 

decoder for this Hamming code is built with the analog circuit approach. The decoding 

algorithm requires parallel analog signals while the real channel signals arrive serially, 

therefore, a novel pipelining architecture is designed to assure serial input/output while 

providing the computation cell with parallel data. The decoder is manufactured with AMI 

0.5� m CMOS technology and tested. The testing results show that the decoder works 

with the serial interfaces. However, there are still a lot of circuit issues for study. The 
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following chapters discuss further those analog circuit issues. All the design concerns are 

based on this (8, 4) extended Hamming code decoder implementation. 



 

 

CHAPTER 3 

ACCURACY OF ANALOG CIRCUITS: MISMATCH 

Generally, device mismatch behavior has much more impact on analog circuits 

than the digital ones since analog circuits are more sensitive to the minor changes of the 

varying parameters. The semiconductor process causes some variation of the transistor 

width, length, and uneven dopant concentration, which affects the transistor threshold 

voltage and other process-related parameters [26]. The mismatch behavior exhibits a 

random Guassian distribution for the parameter, whose variance is characterized by the 

device’s size, orientation, and the distance between the devices. Obtaining the 

relationship between the parameter’s variance and the size can help to optimize the 

mismatch of the analog decoder chips. This is introduced in Section 3.1. To further study 

the decoder’s tolerance to the mismatch, the systematical analysis of the decoder’s 

algorithm needs to be studied. Section 3.2 shows the results of the algorithm research, 

which proves that the decoder system performs quite robustly in the presence of the 

mismatch. However, the mismatch still needs to be characterized to predict the chip 

performance, especially because the comparators in the output stage can bring extra 

errors to the final results due to the mismatch. The mismatch data is obtained through a 

test chip, which is introduced in Section 3.3. The test chip is built under AMI 0.5� m 

technology as the decoder chip in last chapter. Finally the testing results are presented in 

Section 3.4. 
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3.1 CMOS Device Modeling 

Two identical transistors can only exist in theory. There are time-independent 

random variations in physical quantities of identically designed devices, which is called 

device mismatch [27]. With the devices’ decreasing dimensions, the impact of CMOS 

mismatch becomes more significant. Meanwhile, analog circuits, which normally are 

much more easily impacted by mismatch than digital circuits, are used more and more in 

communication systems. Therefore, mismatch issues have gotten more attention and been 

studied by many researchers [28][29][30][31][32]. 

Pelgrom [27] gave a classical model of MOS transistor matching properties and it 

is summarized in this section. With mismatch, a group of identically designed devices 

shows different parameters, which are denoted as P in this chapter. This is caused by 

many kinds of random processes that occur on the same wafer going through the same 

fabrication batches. 

Generally the value of one parameter P is composed of a fixed part, which can be 

calculated in a design, and a randomly varying part, which causes mismatch. The 

difference between two devices is denoted as DP, which exhibits a stochastic pattern. DP 

is typically interpreted with its mean value and variance. Usually the mean value is zero 

while the variance s2(DP) should be modeled, measured or estimated for different 

processes. 

According to Pelgrom[27], the CMOS device mismatch of P is a function of area, 

distance, and orientation. There are two classes of mismatch behavior. One is the spatial 

“white noise” or short-distance variation. The other one can be modeled as an additional 
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stochastic process with a long correlation distance. With these two items, s2(DP) can be 

modeled as: 

22
2

2 )( DS
WL
A

P P
P +=Ds ,      (3. 1) 

where AP is the area proportionality constant for parameter P, SP describes the variation 

of parameter P with the spacing, D represents the spacing between the two devices. The 

proportionality constants can be measured for different processes then be used to predict 

the mismatch variance of a circuit. 

Equation 3.1 shows that the variance of the parameter is the function of both area 

and distance. However, the geometry dependence of mismatch is much more significant 

than the spacing dependence of mismatch [33][34]. The testing results of [33] suggest the 

threshold voltage and current factor matching does not show a trend for small size 

transistors. Also, designers place devices adjacent to each other when it is necessary to 

avoid mismatch. Therefore, the equation for mismatch can be simplified with only the 

dependence on area: 

WL
A

P P
2

2 )( =Ds ,       (3. 2) 

To obtain the variance of the parameters, the transistors in a particular process 

should be measured to find out AP. In testing, the drain source current is measured and 

the parameters are calculated by curve fitting of the corresponding current equation. For 

example, if the current is measured for the transistors operating under the saturation 

region, theoretically the current is then given by: 
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where LWCox /mb = , and the threshold voltage )22(0 FFSBTT VVV ffg -++= , 

where VT0 is the threshold voltage for 0V substrate voltage, g is the linear factor for the 

body effect. 

Using Equation 3.1, the standard deviations of VT0 and g are characterized with 

constants AVT0 and Ag: 
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Then, the variance of VT can be found as: 
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For the current factor b, the matching property is derived by the mutually 

independent components W, L, m, and Cox: 
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Analysis has shown that LW /1)(2 µs  and WL /1)(2 µs  [27], so the standard deviation 

of b can be written as:  
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where Am, ACox, AW, AL and Sk are constants. If W and L are large enough, the standard 

deviation of b can be approximated as: 
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From the above equations, the variance of drain current, ID, can be estimated with 

the variance of VT and b from Equation 3.6 and 3.9 as: 

WL
A

VV

V

I

I ID

TGS

T

D

D
2

2

2

2

2

2

2 )(
)(

)(4)(
=+

-
=

b
bsss

    (3. 10) 

CMOS devices work differently when working above and below threshold 

voltage [31][35]. With similar derivations, however, the variances of the drain currents 

are found to be the same in either region of operation. When a CMOS transistor is 

operating below the threshold voltage, the current is expressed as: 
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Then, the variance of the current can be calculated as: 
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Again the variances shown in Equation 3.11 are also inversely proportional to the 

transistor’s area and Equation 3.11 can be rewritten as: 
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 Since all the variances in the transistor parameters are inversely proportional to 

the transistor’s area, larger transistors generally match better. 

Pelgrom’s work is valid for long channel transistors. For submicron channel 

length transistors, the 1/WL phenomenon changes [28][33][34]. The parameter L in the 

above equations should be effective channel length instead of actual transistor length for 

small size transistors. However, the transistor length used in an analog circuit is usually 

longer than the minimum length used in a digital circuit. If the length is above several 

microns, the parameter L in the above equations can remain unchanged instead of using 

the effective length. 

3.2 Systematic Analysis of Mismatch for the Analog Decoder 

Analog circuits are more sensitive to small variations in the transistor parameters 

than their digital counterpart. As stated above, mismatch of transistors usually affects the 

functionality of analog circuits more than digital ones. To assure correct operation, 

analog designers often choose large device sizes, as the mismatch is inversely 

proportional to the device size as shown in the last section. However, the larger device 

size usually slows down the operation speed of the circuit. It is because the larger device 

size means larger capacitance, which is inversely proportional to the speed. Hence, every 
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system should find its tolerance to the mismatch problems to get the trade-off between 

the speed and the mismatch. It is the same case with the analog product code decoders. 

Based on Lustenberger’s research [1][17], some systematic simulation is made by 

Dai using the developed cell library of the decoder [18], which simplifies the simulation. 

The cell library is designed to support a general automatic synthesis method that is 

adaptable for different analog error control decoders. Many algorithms in error-control 

coding can be interpreted as operations of the sum-product algorithm on probability 

propagation networks [8][36][37]. The realization of sum-product algorithm is 

demonstrated in the last chapter using the Gilbert cell [15]. One typical core block in the 

decoder is shown in Figure 3.1. 
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Figure 3.1 A Typical Core Block for an Analog Decoder 

The mismatch analysis based upon the block is briefly summarized here. With m 

current inputs in the x direction and n current inputs in the y direction, there are a total of 

m×n current outputs. The current value represents the corresponding probability. The 

output current is the product of the two normalized input currents: 
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where m ..., 1, ,0=i  means the index in the x direction while n ..., 1, ,0=j  is the index in 

the y direction. 

For systematic mismatch analysis, the starting point is not the physical mismatch 

causes, but the mathematical description of the mismatch behavior. As stated in last 

section, every parameter is composed by a fixed part and a randomly varying part with 

Gaussian probability distribution. Hence, the parameter can be simply expressed by 

multiplying the designed value with (1 + e), where e is a Gaussian-distributed variable 

with zero mean [17][18]. For example, the current in y axis can be represented by Iyj(1 + 

ej). Furthermore, as the transistor is working in the subthreshold region and its current 

can be expressed as Equation 2.5 in the last chapter. Substituting Iyj with Equation 2.5 

and combining W/L into I0, the current with mismatch can be expressed as: 
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As stated earlier, the normalized current is presenting the corresponding 

propagated probability, which is denoted as p. The sum of the probabilities should be 1. 

Hence, the relationship between current and probability in the y direction is shown as: 
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With the conversion of the current to the probability, we can get the block 

diagram, Figure 3.2, to represent Figure 3.1. 
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Figure 3.2 Block Diagram for the Mismatch Error Propagation 

From Figure 3.2, the mismatch-infected output from the product core is expressed 

as in Equation 3.17. 
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If the variance is much smaller than 1, the conclusion of Equation 3.18 is reached 

in [18]. This equation shows how )(' jyp  differs from its original value )( jyp  due to the 

transistor mismatch. The higher possibility of )( jyp  there is, the less likely the decision 

is changed by mismatch influence. 
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After finding out how )(' jyp  is related to its original value )( jyp , it is necessary 

to find how to express )( jyp  with channel information. To distinguish with the y axis, 

the received value y explained in the last chapter is denoted as �  here. Suppose a Binary-

Phase-Shift-Keyed (BPSK) modulation system is used [19]. The received information �  

is the original sent information (1 or –1) added with channel noise, whose standard 

deviation is denoted as � e. The probability of receiving �  when sending 1 is  
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Substituting Equation 3.19 into Equation 3.18, finally Equation 3.20 is derived: 
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Comparing Equation 3.19 and 3.20, the mismatch effect can be viewed as one 

kind of noise added to the received value � . The combined noise has standard deviation 

as 242
jee sss + , where � j is the standard deviation of the drain-source current mismatch 

for one transistor. The noise is always expressed with dB loss, which is shown in 

Equation 3.18: 
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As discussed in the previous chapter, the trellis in Figure 2.2 has both forward and 

backward propagations, so the mismatch effect is doubled in the block cells. Moreover, 

the currents should be normalized with some normalization cells, which have almost the 

same mismatch effect as the core computation cells. Combining these two factors, the 

noise in dB loss can be expressed as: 
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For independent mismatch sources, the variance can be added together. Except for 

the mismatch effects talked above, there are more mismatch sources, such as the 

mismatch from the transconductance before the computation cell. Finally the average dB 

loss for the error-control decoders can be expressed as in Equation 3.20 in general. 
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where k is a factor which can be any number between 3 and 5. For example, given a 

typical high-bound noise variance value of 2.02 =es  and 01.02 =js , the system dB loss 

is only around 0.043dB even for 5=k . 
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Figure 3.3 The Mismatch Effect on the Extended (8, 4) Hamming Code Decoder 

The simulation result shown in Figure 3.3 confirms our analysis. The ideal curve 

and the simulated curve with mismatch fit quite well. From the study, it can be seen that 

the precision of the decoder can be gained by the algorithm itself. Although the 

computational units are not inherently precise, the overall performance of the decoder is 

still acceptable. This makes it possible to use small device sizes for those decoders and 

proves the analog circuit realization is applicable. 

Although the system itself is proved to be robust, there are more concerns in the 

interface circuits. As stated before, the output from the decoder is the soft decisions, 

which stand for the probability of “0” and “1”. In the output stage, the comparators are 

needed to compare the two possibilities and give the hard decision of “0” or “1”. The 
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mismatch of the comparator should be analyzed very carefully since it may affect the 

final decision significantly. 

To analyze the effect of comparator mismatch on the system, the comparator is 

treated as a hard-decision demodulator to the decoder. If the current offset of the 

comparator is Ioff, the log-likelihood-ratio (LLR) of the offset is expressed as: 

�
�



�
�
�
�

�

-

+
=

off

off
LLR I

I
Ioff

5.0

5.0
ln        (3. 24) 

In the analysis, the decoder is treated as an uncoded BPSK system with a 

transformed SNR’ of Eb/N0’ According to the desired BER value, the corresponding SNR 

is found for an uncoded system as the upper bound curve shown in Figure 2.11. The soft 

output of the decoder is then modeled as a Gaussian signal with the corresponding SNR. 

For this system model, the error probability can be expressed as: 
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Further approximation can be made for a system with low BER, where the second 

part of Equation 3.25 dominates. Usually the first part can be neglected when BER is less 

than 10-4. The dB loss of the system is then as 2)1log(10 LLRIoff-- . For example, if the 

current offset is about 10%, the system loss can reach 1.9dB. Therefore, the mismatch 

from the comparators may affect the system performance significantly and must be 

considered. 
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3.3 Mismatch Characterization Test Chip 

Mismatch data for different processes may vary and the manufacturers usually do 

not provide this data. A test chip is designed to measure mismatch data for this specific 

process run. 

In the test chip, 32 identical PMOS transistors and 32 NMOS transistors are 

connected with switches, as shown in Figure 3.3. The switches’ control signals are 

provided by a 5-bit analog demultiplexer. The transistors’ sizes are drawn as 3� m/3� m 

(W/L) which is the desired value for our analog circuits. The transistors share the same 

input and output pins while they are selected by a 5-bit select signal. By measuring the 

drain-source current while sweeping the gate voltage, the current-voltage curve is 

obtained. This curve fitting between the experimental results and theoretical prediction 

gives the tested standard deviation of the parameters. 
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Figure 3.4 Schematic for the Mismatch Testing Chip 

The fabrication offered 5 chips for one design, so in total the mismatch data is 

obtained through 160 identically-drawn transistors. As stated above, the parameters are 

found through parameter fitting by the MOSFET drain current equation. Although this 

test is not a thorough test of mismatch, it gives a basic idea about the fabrication process. 
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The mismatch data is used in systematic analysis to predict decoder performance [18]. 

Also the mismatch data is used in later simulations for comparator design. For the 

comparator itself, another test chip is built to test its functionality and mismatch 

characteristics. 

3.4 Testing Results 

The mismatch test involves 32 identically-sized transistors per chip, with five 

chips in total. The testing plan is to measure the ID-VG curve to find the fitting parameters 

for the transistors. Then, the standard deviations of those parameters can be found. The 

current model we used is the EKV model, by Enz, Krummenacher and Vittoz [38], which 

is a good fitting model for transistors working in weak, moderate, and strong inversion 

regions. The equation is shown below: 
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where IS is the same as in Equation 2.7. 

From the testing results, the curve fits the data very well. Figure 3.4 shows the 

testing result from one NMOS transistor. The dotted line is from the testing data while 

the solid line is the ideal ID-VG curve from Equation 3.23. 
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Figure 3.5 ID-VG Curve for EKV model 

In our experiment, there are three unknown factors in the equations, VT0, 

LWCox /'mb = , and k. We measured the standard deviation of these three parameters. 

The test results are listed in Table 3.1. 
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Table 3. 1 Testing Results for the NMOS Parameters in EKV Model 

Chip No. Parameters VTn0 (V) � n (A/V2) kn 

Mean 0.749 8.98E-05 0.668 

Standard Deviation 3.39E-3 7.62E-07 2.15E-03 1 

Std/Mean 0.452% 0.848% 0.323% 

Mean 0.749 8.99E-05 0.668 

Standard Deviation 3.82E-3 1.12E-06 5.23E-03 2 

Std/Mean 0.509% 1.25% 0.783% 

Mean 0.747 9.00E-05 0.670 

Standard Deviation 4.42E-3 8.87E-07 2.91E-03 3 

Std/Mean 0.591% 0.985% 0.434% 

Mean 0.751 9.02E-05 0.669 

Standard Deviation 4.62E-3 5.52E-07 3.24E-03 4 

Std/Mean 0.615% 0.611% 0.484% 

Mean 0.749 9.03E-05 0.671 

Standard Deviation 4.05E-3 9.84E-07 3.96E-03 5 

Std/Mean 0.541% 1.09% 0.589% 
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Table 3. 2 Testing Results for the PMOS Parameters in EKV Model 

Chip No. Parameters VTp0 (V) � p (A/V2) kp 

Mean 0.932 3.00E-05 0.723 

Standard Deviation 4.97E-3 5.54E-07 8.82E-03 1 

Std/Mean 0.533% 1.85% 1.22% 

Mean 0.937 2.88E-05 0.741 

Standard Deviation 4.83E-3 3.76E-07 5.94E-03 2 

Std/Mean 0.515% 1.30% 0.802% 

Mean 0.936 2.91E-05 0.738 

Standard Deviation 5.15E-3 2.54E-07 4.04E-03 3 

Std/Mean 0.551% 0.873% 0.548% 

Mean 0.934 2.91E-05 0.735 

Standard Deviation 4.25E-3 2.22E-07 4.17E-03 4 

Std/Mean 0.455% 0.764% 0.568% 

Mean 0.936 2.92E-05 0.741 

Standard Deviation 4.68E-3 2.34E-07 4.05E-03 5 

Std/Mean 0.500% 0.803% 0.546% 

 

The standard deviation of every parameter varies among different chips, but they 

are on same order. The average deviation is further used in the following chapters when 

discussing circuit characteristics, such as input offset error. 

The deviation from Table 3.1 is not taken by its mean square root value. This is 

because the definition of mismatch is based on the fact happening in the same chip, 

instead of between different chips. Also the maximum value of the standard deviation is 
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also used for the worst-case estimation. After obtaining the mismatch data for the three 

parameters, the standard deviation for the drain current is expressed by: 
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The drain-source current mismatch data, which are shown in Table 3.3, are used 

in the systematic analysis discussed in the last section. As expected, the mismatch error 

decreases when the current level goes up. 

Table 3. 3 Drain-Source Current Mismatch 

Designed current ID 10nA 100nA 400nA 1� A 10 � A 

Current mismatch for NMOS 9.37% 7.37% 5.49% 4.14% 1.78% 

Current mismatch for PMOS 11.0% 7.39% 4.78% 3.36% 1.67% 

  

Mismatch issues are important to consider in the decoder design. This chapter 

discusses the mismatch effect in a systematic manner. It is shown that the Hamming 

decoder gains its accuracy from the used algorithm itself. However, the mismatch from 

the comparators in output interface affects the system performance more than other parts. 

Hence, the mismatch error caused by comparators should be further studied. 

Since manufacturers did not provide the mismatch data, a test chip is made to 

predict the mismatch characteristics of the technology. The tested data confirms the 

systematic analysis on the decoder design and is further used in other analog circuit 

designs, especially the comparator design. Mismatch error is only one error resource in 
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the decoder design; other circuit issues are discussed for each corresponding circuit in the 

following chapters. 



 

 

CHAPTER 4 

INPUT INTERFACE: SAMPLE-AND-HOLD CIRCUIT 

An efficient serial input interface is essential to a large-code analog decoder chip 

[24]. Pin limitations restrict the parallel interface only to small codes. Also, data from a 

communications channel typically arrives serially, so a serial input interface is required to 

provide the computation core with parallel input signals. To store the serial data locally, 

the sample-and-hold cell is used in the input interface design. In this chapter, the basic 

sample-and-hold cell is introduced in Section 4.1, followed with other different designs in 

Section 4.2. Those designs are built in a test chip, which is introduced in Section 4.3. 

Finally, the testing results are provided and analyzed in Section 4.4. 

4.1 Basics of the Sample-and-Hold Circuits 

The sample-and-hold cell is the key part for the serial input interface in the 

decoder system. By definition, a sample-and-hold (S/H) is used to sample an analog 

signal and to hold its sampled value for some length of time [39]. Some S/H circuits are 

also often referred to as the track-and-hold circuits, while some other S/H circuits use 

switched capacitors and do not track the input signal. For the decoder presented in this 

dissertation, both circuits can work in its input interface and they are discussed in detail 

in the next section. In this section, some basic performance parameters for the S/H 
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circuits are introduced. Those parameters are used in the design of the sample-and-hold 

cells. 

4.1.1 Basic S/H Circuit 

The simplest S/H circuit built in CMOS is illustrated in Figure 4.1, which is also a 

track-and-hold circuit. The S/H part is composed of only one switch transistor and one 

capacitor. The following unity-gain op-amp is used to get low output impedance to 

stabilize the voltage output and provide high input impedance so the holding capacitor 

Chld can hold its charge. 

 

V'
V

V
+

-
in

clk

out

Q

 

Figure 4.1 The Basic S/H Circuit 

When the switch transistor is on, (i.e., � clk is high on the N type transistor), the 

circuit is working during the tracking phase. The output voltage Vout, which should be the 

same as V’, follows Vin. When � clk goes low and the switch is off, the circuit goes to the 

holding phase. Ideally the capacitor Chld holds the voltage constantly and Vout is equal to 

V in at the instant � clk went low. However, as discussed below, charge injection, clock 

feedthrough, and leakage current degrade the circuit performance. Moreover, speed and 

area of the circuits are two factors that are traded off with the noise level of the circuit. 

�  

Chld 
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4.1.2 Charge Injection 

Charge injection is a phenomenon caused by the transistor switching. As shown in 

Figure 4.1, when the N type switch transistor turns off, its negative channel charge must 

flow out into its source and drain junctions. The charge going through the input port is 

absorbed by the input source due to low source impedance. However, the charge flowing 

into the capacitor side causes the junction voltage V’ to have a negative glitch. Suppose 

the clock � clk turns off fast, then the channel charge QCH flows equally into both 

junctions [40], then the charge injected into the junction of V’ is given by: 

22

'
effoxCH

C

WLVCQ
Q

hld
-==D       (4. 1) 

As usual, '
oxC  is the gate capacitance per unit area, W and L are the transistor width and 

length, and Veff is the effective gate-source voltage. Suppose the clock � clk goes from Vdd 

to 0 and the threshold voltage of the transistor is Vtn, Veff can be expressed as: 

tninddtnGSeff VVVVVV --=-=      (4. 2) 

Since the charge is the product of capacitance and voltage, 'VCQ hldChld
D=D , it is easy to 

derive the change of the voltage V’ as in Equation 4.3: 
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The threshold voltage in the equation is also related with the input voltage due to the 

body effect [41][42], the threshold voltage is expressed as: 
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( )FinFttn VVV ffg 220 -++=      (4. 4) 

where Vt0 is the threshold with no body effect, Ff  is the Fermi level voltage, and g is the 

body effect parameter. Therefore, the voltage change caused by the charge injection can 

be expressed as: 
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FinFtinddox
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VVVVWLC
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0 ffg -+---
=D   (4. 5) 

The equation shows that the error is related with Vin, i.e., it is signal dependent. 

This signal dependence causes nonlinear distortion even with differential 

implementations. To get an idea of how big the charge injection is, for example, with 

� m6.0/� m18/ =LW , fF200=hldC , 2' � mfF48.2 /Cox = , V3.3=ddV , V65.00 =tV , 

V49.0=g , V5.1=inV , then V97.0=tnV , and the voltage change caused by charge 

injection is around -56mV. This error linearly increases with the increased transistor size 

while it decreases with increased holding capacitance. For example, if we decrease the 

transistor size to 1.8mm as in the decoder, the error is decreased to about –5mV. The 

charge injection problem is the number one limitation for the S/H circuits and it is our 

primary concern for the S/H in this thesis work. 

4.1.3 Clock Feedthrough 

There is another kind of charge injection, clock feedthrough, which is not from 

the channel but from the gate-drain or gate-source overlap capacitor [43]. Figure 4.2 

shows the capacitive coupling into both sides through the overlap capacitors. 
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Figure 4.2 Clock Feedthrough 

Suppose the clock switches from Vdd to 0, the output voltage change caused by 

the clock feedthrough is expressed as: 

hldov
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dd CWC
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'       (4. 6) 

where C’ov is the overlap capacitance per unit width. Usually this error is relatively small 

since WC’ov is much smaller than Chld. From the process we are using, maFCov m/205' = , 

if fFChld 200= , mW m18= , VVdd 3.3= , then the voltage change is mVV 60'»D . 

Although the voltage change is comparable with the error caused by charge injection, it is 

signal independent and can be offset by differential implementation as in the decoder 

design. Therefore, this error causes fewer problems in the decoder design. 

4.1.4 Leakage Current 

Except for the charge injections, there is another limitation in the S/H circuit 

design. This error is leakage current due to the reverse-biased drain-substrate junctions. 

This error shows a slow change in output voltage in holding mode. Droop rate is the term 

used to evaluate its effect. If a switch pair is used in the S/H cell as the switch, the 

leakage currents from pMOS and nMOS tend to cancel each other. 

�  

Chld 

C’ov 
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Normally this effect is not so significant in high-speed implementations and it is 

very small in most CMOS designs. This is further proven in the testing section. 

4.1.5 Power Consumption from Op-Amp 

The power consumption is a very important issue in the decoder design. As 

introduced in Chapter 2, the algorithm utilizes subthreshold current application, therefore, 

the power consumption in the core computation blocks is very little. The power 

consumption in the output interface is also negligible comparing with the input interface. 

The reason why the S/H cells consume so much power is not because of the S/H cell, but 

because of the analog buffer, the unity-gain op-amp. In the next section, several different 

S/H circuit are introduced, however, the power consumption problem remains the same 

with all the different designs. This is also the reason why the power is separated in one 

subsection. 

The op-amp following S/H cell is used to stabilize the output voltage. As shown 

in Figure 2.4, there are two stages of S/H circuits. Although the second stage S/H cell is 

not exactly a resistive load of the first stage S/H cell, the capacitor in the second stage 

shares the charge stored in the capacitor in the first stage. If the buffer is not added, the 

two S/H cells are connected as shown in Figure 4.3. 
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Figure 4.3 Two Stages of S/H Cells  

When “seli” is enabled and “sel7” is disabled, capacitor Chldi,1 holds the input 

voltage inV  as soon as “seli” goes off. While “sel7” is enabled and “seli” is disabled, 

output voltage outV  is then equal to half of the held voltage inV  ( 2,1, hldihldi CC = ) since the 

stored charge is shared by the two capacitors. When 7=i , both “seli” and “sel7” are 

enabled, then the output voltage outV  is the same as the input voltage inV  at the moment 

“sel7” goes off. Therefore, even we use bigger input signal swing to allow for half of the 

signal loss, we still cannot get rid of the buffer in the first stage. 

Vdd

out

out in

Vbias

  

Figure 4.4 Schematic for Op-Amp 

The schematic for a typical unity-gain two-stage op-amp is shown in Figure 4.4. 

The output is connected with the negative input port of the op-amp. M5 and M6 are 

providing bias currents and the power consumed in the op-amp is proportional to the bias 

current. At the same time, the higher bias current means bigger transconductance, which 

M3 

M2 M1 

M4 

M5 M6 
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leads to higher speed and higher gain. Therefore, there is trade-off between power and 

speed. 

Although there is only around 1mW power consumption for one cell if the bias 

current is set to around 80mA, the entire interface consumes 90% power. Actually, there 

is another possibility to lower the power consumption. Since the second stage S/H cells 

connect with capacitive loads, the buffers at the second stage can be eliminated. Almost 

half of the power consumption can be saved. 

4.1.6 Noise, Speed, and Area 

The characters discussed above are associated with the S/H circuits while noise, 

speed and area, the three common factors for every analog circuit, are discussed in this 

section. 

A capacitor accumulates noise generated by other noise sources, such as the 

resistors. As in Figure 4.1, the on-resistance of the switching transistor introduces thermal 

noise and the noise is stored in the capacitor after the switch turns off. The total rms 

(root-mean-square) noise voltage is expressed as [39][44]: 

hld
rms C

kT
V =         (4. 7) 

The equation tells us that the bigger the capacitor is, the smaller noise the circuit 

has. Thus, the holding capacitor must be large enough to assure the circuit performance, 

especially in some high-precision applications. It can be seen that Equation 4.5, 4.6, and 

4.7 suggest bigger capacitance from the noise perspective. However, larger capacitance 

often means degraded speed and bigger area as discussed below. 
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The speed of the S/H circuit can be estimated by the time constant. The time 

constant of the S/H circuit can be written as in Equation 4.6, which is the product of the 

on-resistance of the switching transistor and the capacitance of the holding capacitor, 

ignoring the input capacitance of the op-amp: 
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From this equation, we can see that the time constant is proportional to the 

holding capacitance and inversely proportional to the switch transistor width. This means 

smaller capacitors and bigger transistors give higher speed. At the same time, a small 

capacitor is highly recommended in the decoder chip design since it means small area. 

The reason why small area is important to the decoder design is because one cell is 

repeated many times according to the code size. Therefore, not only a small capacitor is 

preferred in the cell design, but also the cell structure should not be too complicated to 

contain many big capacitors. Comparing with the capacitor, the switch transistor always 

occupies much less area, so there is no need to set the width of the switch transistor to a 

minimum width, however, we still want a small switch because of the charge injection 

effect. 

As a conclusion, the capacitor and switch size should compromise among area, 

speed, and noise issues. With all these in mind, different sample-and-hold cells are 

designed and compared. 
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4.2 Different Sample-and-Hold Cell Designs 

After getting the basic idea of the S/H circuit performance parameters, some 

different S/H circuits are introduced in this section. A high-speed, small-area and low-

noise S/H cell is always desired in the decoder, but there is no perfect design, different 

designs have their own pros and cons and can be chosen with different requirements. As 

stated above, the charge injection error gets the most attention. The cell designs also 

focus on charge injection cancellation. 

4.2.1 S/H with Transmission Gates 

Usually a CMOS transmission gate, i.e., a switch pair, is used in the circuit 

instead of one single NMOS switch [39][45][46], which is shown in Figure 4.5. With an 

identically-sized PMOS transistor in parallel, the voltage change caused by charge 

injection can be reduced to: 
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Figure 4.5 S/H Circuit with Transmission Gate 
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The idea behind this approach is that if the size of the p-channel transistor is the 

same as the n-channel transistor, then the charge injection due to each transistor cancel 

each other when they are operated simultaneously. This result is true when Vin is in the 

middle region between the power supplies ( ddin VV =2 ) and the absolute value of the 

threshold voltage of the pMOS transistor |Vtp| is just the opposite value of the threshold 

voltage of the nMOS transistor Vtn ( tntp VV = ). Unfortunately, these conditions are 

seldom possible to achieve in practice. First the turn-off times of the P and N transistors 

are different since the transistors’ sources are connected with the signal to cause the turn-

off time signal dependent. Second it is impossible that the input voltage is always half of 

the power supply voltage. Although charge injection error cannot be cancelled out 

completely with a transmission gate, the clock feedthrough error can be mostly cancelled 

out. Therefore, the S/H cell performs better using a switch pair instead of one single 

switch in the noise perspective. 

Although the charge injection effect becomes less significant with the switch pair 

approach than one single switch transistor, there is an interesting finding in this thesis. If 

one single nMOS transistor is enough to transfer the input signal, it actually outperforms 

the switch pair if it is used with differential inputs. 

As shown in Equation 4.5 and Equation 4.9, the charge injection error is 

proportional to the input voltage by ratio of 1 in the single transistor approach while it is 

by ratio of 2 in the switch pair approach. This makes the difference of the charge 

injection errors of two input voltages even bigger with the switch pair application. It 

should be noted that this is based on the assumption of low input voltage to assure one 

single nMOS transistor works. Also to simplify the model, the charge injection caused by 
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subthreshold voltages is ignored. That is, if the input voltage is lower than the threshold 

voltage of a pMOS transistor, the pMOS transistor is supposed to be off while the nMOS 

transistor turns off when the input voltage is above (Vdd - Vtn). Although the switches can 

be analyzed with its characters in subthreshold regions [47][48], it is not necessary in our 

design since we can always set the voltage input swing in the right range according to the 

S/H requirements. 

With these assumptions, one example with AMI 0.5mm processing is illustrated. 

For example, 2' � mfF48.2 /Cox = , V65.00 =tV , V94.00 =pV , V49.0=ng , 

V59.0=pg , � m6.0/� m18/ =LW , fF200=hldC , V5=ddV , the absolute value of the 

voltage change caused by the charge injection error is shown in Figure 4.6 while the 

differential charge injection error is shown in Figure 4.7 with Vref = 2.5V. From Figure 

4.6, we can tell the switch-pair approach has less charge injection error when the input 

voltage is under 3V. However, as shown in Figure 4.7, the switch-pair approach always 

performs worse than the single-switch one, where a differential implementation is 

adopted. 
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Figure 4.6 Calculations for Charge Injection Errors 

 

Figure 4.7 Differential Charge Injection Errors 
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For differential implementation, the main drawback for one single switch 

transistor is that it can only transfer low input voltages since the nMOS transistor cannot 

work if the input voltage is larger than (Vdd - Vtn). The above conclusion holds for one 

single pMOS transistor too, except for it requires high input voltage. Therefore, the 

transmission gate is still used in the decoder with the concern of the input voltage swing. 

It even intensifies the charge injection error for the differential implementation, so more 

designs are studied below. 

4.2.2 S/H with Dummy Transistors 

Another approach to minimize the charge injection is to add some dummy 

transistors [49]. The circuit is shown in Figure 4.8. Normally the width of the dummy 

transistor is set to be one-half of that of the switch transistor. When the clock waveform 

changes fast, ideally half of the channel charge flows into the capacitor side and cancel 

with the charge in the dummy transistor. However, it is seldom possible in practice since 

the clock waveforms cannot change fast enough to let just half of the channel charge flow 

into the capacitor side. Also because of the finite slope of the clock waveform, the 

switching times of different transistors are different, depending on the input signal range 

as explained previously. Therefore, the dummy transistor cannot solve the charge 

injection problem completely either. 
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Figure 4.8 S/H Circuit with Dummy Transistors 

4.2.3 Differential S/H Implementation 

There are more studies on the charge injection cancellation [43][50][51][52]. The 

fully differential implementation is one of them. Figure 4.9 shows one fully differential 

S/H circuit. This implementation is supposed to be able to cancel out all the charge 

injection errors. This circuit is not a track-and-hold circuit as the circuits shown 

previously. When S3/S3’ are off while all the other switches are on, the circuit is working 

at the sampling mode and the two outputs are reset to the same value; as soon as S3/S3’ 

are on and all the other switches go off, the outputs hold the value at that switching 

instance and work in holding mode. 
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Figure 4.9 A Differential Realization of Sample-and-Hold 

With this fully differential design, the charge injected by switch S2/S2’ appears as 

a common-mode disturbance at nodes X and Y, so the charge injection effect can be fully 

cancelled out. In reality, S2 and S2’ have some mismatch, so another switch, Seq, must 

be used in the circuit. Seq turns off slightly after S2 and S2’ but before S1 and S1’, 

therefore it equalizes the charge at nodes X and Y. 

This circuit can solve charge injection problems and the differential design is also 

suitable for the decoder system. However, the differential op-amp needs a common-

mode-feedback (CMFB) circuit to stabilize, and its area is almost 7 times the area of two 

simple S/H cells with dummy transistors since it requires more capacitors, which occupy 

much more area than the transistors. More importantly, the circuit cannot work at high 

speed because it cannot do track-and-hold. The voltage is reset to "zero" during the first 

switch cycle (sampling) and "jumps" to the hold value when the switch is off, this 

requires the differential op-amp to have a large slew rate, which means degraded speed. 

The output difference between a fully differential S/H and a normal single S/H (also a 

track-and-hold) is illustrated in Figure 4.10. This is the simulation result from the circuit 
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built in this thesis. With a sine wave voltage input, the single S/H tracks the signal and 

holds its value when the select signal goes off, however, the differential outputs stays at a 

common-mode level when in sampling phase and jumps to the two different voltage 

outputs at the hold phase.  

 

Figure 4.10 Simulation Results for Sample-and-Hold and Track-and-Hold 

There are several other advanced designs for S/H circuits [53][54][55]. Most of 

them try to minimize charge injection (clock feedthrough). More S/H circuits can be 

found in [39], but those circuits are trying to provide better performance with sacrifice to 

the area and power. Since the decoder system needs a simple, small S/H instead of one 

that consumes large amounts of chip area and power, those circuits are not discussed 

further in this thesis work. 
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4.3 Test Chip for S/H Circuits 

 To verify the analysis of the different S/H cells and get some performance data 

for the ongoing decoder, a test chip is fabricated to accommodate different S/H designs.  

4.3.1 Sizing of the S/H Circuits 

This test chip used the switch pair instead of one single switch for the reason 

stated previously. Although a single switch transistor works better than a switch pair in 

the perspective of charge injection error with the differential scheme in the decoder chip, 

there is not enough input voltage swing for one single switch transistor in AMI 0.5mm 

technology. The process data show that the threshold voltage for a minimum length 

nMOS transistor is around 1.17V if the input voltage is around 2.1V with body effect. 

This means the transistor barely turns on above 2.1V, which is not enough for the input 

voltage swing. The switch pair used in the decoder is with the same size of pMOS switch 

and nMOS switch as W/L, then the time constant from Equation 4.6 is rewritten as: 
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  (4. 10) 

This calculation does not take into account subthreshold operation since at least 

one of the transistors is working above threshold. To roughly estimate the speed, the 

clock period is supposed to be greater than 20RonChld to ensure the capacitor has enough 

time to charge. The decoder chip is designed to be able to work at 1-10MHz. With AMI 
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0.5� m technology and 3.3V power supply, the hold capacitance must be smaller than 

673(W/L)fF from the calculation. 

If 200fF is used in the S/H, the rms noise voltage is around 0.1439mV according 

to Equation 4.5. This noise level is already far below 1mV, so basically the capacitance is 

set to 200fF in this design to get higher speed and smaller area. If W/L= 1.8� m/0.6� m 

and fF200=hldC , nSCR hldon 1020 » , so theoretically the S/H can work up to 100MHz. 

Therefore, the speed bottleneck is not at S/H itself, but rather the unity-gain frequency of 

the op-amp which is always much slower. 

The op-amp and the CMFB circuit involved in S/H circuits are based on other 

designs in [37][39]. Theoretically, a closed-loop unity-gain op-amp has A times higher 

bandwidth than an open loop op-amp where A is the gain. This op-amp has open loop 

gain of around 85dB(17,300V/V) and its -3dB frequency is around 700Hz, so the unity-

gain buffer has -3dB frequency at around 12MHz. 

4.3.2 Test Chip for S/H Circuits 

The test chip includes all the three circuits discussed in the previous section, the 

S/H cell with transmission gate (Figure 4.5), the S/H cell with the dummy transistors 

(Figure 4.6), and the fully differential S/H circuit (Figure 4.7).  

Different S/H cells are connected with the same input pins, but different output 

pins for separate testing. Since a voltage source input is used, the input ports of different 

S/Hs can be tied together without much effect with each other. The cells are as shown in 

Figure 4.11: 
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Figure 4.11 S/H Cells in Layout 

The right part of Figure 4.11 is the fully differential S/H with CMFB, while the 

one pair of the S/H with transmission gate and one pair of the S/H with dummy 

transistors are at the lower left part. The upper left part is the digital clock generator for 

generating selection signals. It is easy to tell that the fully differential S/H cell occupies 

much more area than the other cells, as mentioned in the previous section. 

4.4 Testing Results for S/H Circuits 

The testing results of the different S/H circuits are shown in this section. The 

leakage current and charge injection effects are tested and evaluated in the testing with 

the test chip described in the last section. 
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4.4.1 Leakage Current 

The leakage current of the S/H cell is measured by observing the output voltage 

drift in the held value over a period of seconds. The resulting total leakage current is 

quite small; the leakage current for a stored voltage between 0.5V and 2V is in the range 

of 5.6́ 10-17A to -1.1́ 10-17A. Since a CMOS transmission gate is used in the S/H cell, the 

leakage currents from pMOS and nMOS tend to cancel each other. The testing result 

shows a positive value of the voltage change, which means the leakage in the pMOS 

transistor is slightly greater than in the nMOS. The total leakage current is on the order of 

10-17A, meaning that the possible voltage change is only around 10nV even if the S/H cell 

operates as low as 1kHz. The testing result further proves that the leakage current can be 

neglected. 

4.4.2 Charge Injection Error Measurements 

As stated in the last section, the test chip has one pair of the S/H cells with 

transmission gate (denoted with “pair” later), one pair of the S/H cells with dummy 

transistors (denoted with “dummy” later), and one fully differential S/H cell (denoted as 

“diff” later). For charge injection error measurements, each pair is connected with input 

DC voltage source with Vin and Vref, and then the output voltage from each S/H cell is 

measured. The voltage difference DV between the sampling cycle and the holding cycle 

resulted to be from charge injection errors and the clock feedthrough. 

The testing data shows that the charge injection error from the fully differential 

S/H cell is almost zero for all the input levels, so there is no data table for it. The only 

flaw is the fully differential S/H cannot work well if it is input with select signal above 

80kHz. The output shows a visible slope for the signal to rise to the corresponding 
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holding value if the frequency is too high. The result itself proves the correctness of the 

design methodology. 

Table 4.1 shows the testing results of charge injection errors from the other two 

pairs of the cells. The results are further analyzed in the next subsections. 

Table 4. 1 Testing Results of Charge Injection Errors 

inV  
(V) 

pairinV _D  

(mV) 
pairrefV _D  

(mV) 
dummyinV _D  

(mV) 
dummyrefV _D  

(mV) 

.3 4.08 2.88 15 6.8 

.4 4.96 3.36 16.4 6.8 

.5 4.96 3.76 16.6 6.4 

.6 5.92 4 17.8 6.08 

.7 6.24 5.12 17 5.68 

.8 6.4 4.88 15 4.88 

.9 6.48 5.84 13.6 4 

1 6.64 5.92 13.2 3.4 

1.1 7.36 6.72 13 2.5 

1.2 7.92 6.8 12 1.4 

1.3 8.64 8.24 12 0.2 

1.4 9.6 8.88 11.8 0 

1.5 11.12 10.8 11.2 -0.2 

1.6 13.04 12.8 12 -0.5 

1.7 15.6 15.4 13 -0.8 

1.8 18 17.56 14.8 -1 

1.9 20 19.8 16.2 -1.5 

2 20 19.8 15.5 -2.4 

2.1 20 19.8 14 -3.4 

2.2 20 19.8 12 -4.6 

2.3 18.8 18.2 10 -5.6 
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4.4.3 Charge Injection for S/H with Transmission Gate Testing Analysis 

To analyze the charge injection errors in the S/H with switch pair, the data from 

Table 4.1 are compared with the theoretical results of Equation 4.9 in Figure 4.12. The 

theoretical results are also based on the assumption that the pMOS turns off with an input 

voltage below 1.6V while the nMOS turns off when the input voltage is above 2.1V 

according to the calculation from the threshold voltages with body effect.  

 

Figure 4.12 Test Results from S/H Cells Comparing with Theoretical Results 

Since the theoretical results are based on the S/H with switch pair, it is clear to see 

the trend of the output from the S/H with switch pair is just the same as the theoretical 

prediction in Figure 4.12. The only trend difference is that the tested charge injection 

error tends to flat out for the low voltages and the high voltages. The reason is because 
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there are some subthreshold charges under the switch which is supposed to be off in the 

theoretical calculation. Also there is another layout reason explained later. Those charges 

help to flatten out the curve. However, there is an offset of about 15mV indicated from 

the figure. To find out if this offset is totally dedicated to the clock feedthrough effect, the 

clock feedthrough error is recalculated with switch pair. Equation 4.6 gives estimated 

clock feedthrough error in the S/H with one single switch. With a switch pair, the error 

should be reduced to: 

hldovnovp
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CCWV
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++

-
=D

''

'' )(
'       (4. 11) 

With maFCovp m/287' = , maFCovn m/205' = , fFChld 200= , � m/0.6� m8.1/ =LW , 

VVdd 3.3= , the feedthrough error caused a positive voltage change of mVV 4.2'»D . 

However, the voltage offset from test is much more than this prediction. The circuit 

layout is checked to find the reason for this discrepancy. It is found that the “selbar” 

signal line crossed the hold capacitor shown as in Figure 4.13(a). The rightmost long dark 

line of “selbar” is made with the metal2 layer which is connected to the pMOS gate. The 

area overlapping with metal1 is highlighted in the figure. The calculation from the 

process data shows approximately 9.2mV of clock feedthrough error. The “selbar” signal 

goes from low to high when the cell enters holding state, which explains positive voltage 

change. Since “sel” signal doesn’t go through the capacitor, it won’t cancel out the clock 

feedthrough error from “selbar” signal. Totally 11.6mV clock feedthrough error is 

presented in the calculation, which explains most of the offset of 15mV. The rest of it 
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comes from some other overlapping capacitors or some fringing effect. Overall, it can be 

seen the theoretical prediction is quite accurate. 

To further prove the clock feedthrough effect of the misplaced “selbar” line, the 

difference between the “Voutdummy” and “Vrefdummy” in Figure 4.12 shows about 10mV 

offset. The reason is that the cell for the “Vrefdummy” is placed in the end of these cells, 

which doesn’t have the “selbar” line crossed as shown in Figure 4.13(b). 

  

(a)      (b) 

Figure 4.13 Two S/H Cells 

(a) S/H cell with transmission gate (b) S/H cell with dummy transistors (Vrefdummy) 

It must be noticed that the charge injection errors from the S/H with dummy cells 

are not with the same trend as the prediction from S/H with switch pair, and “Voutdummy” 

even exhibits higher charge injection errors. It is found from the layout that the dummy 
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transistors are the wrong size. The dummy transistor is supposed to be half of the switch 

transistor while it is laid out with the same size by mistake. Since the overlap capacitance 

of the pMOS is higher than it of the nMOS and the dummy pMOS transistor is connected 

with “sel” instead of “selbar” in the switch transistor, more negative voltage changes are 

presented. This explains why the charge injection errors go with the opposite direction 

compared with the theory. 

4.4.4 Conclusions for S/H Circuit 

The design and test results are studied about the S/H circuit of the input interface 

in this chapter. From the test results, it can be seen that the design methodology predicts 

the circuit behavior with reasonable accuracy. We can select the corresponding S/H 

circuit based on performance requirements. If a decoder can operate under 80kHz and it 

can tolerate larger area occupation, the fully differential S/H is a good choice. For the 

decoder working above 100kHz, a pair of S/H with dummy transistors should be used for 

the differential application. If the system has a small signal swing and has differential 

inputs (i.e. both the input signal and the reference voltage), one single switching 

transistor should be used instead of the switching pair. To minimize charge injection 

errors, we not only need to pay attention to the design, but also need to lay out the circuits 

carefully. 

The input interface occupies too much power comparing with other parts in the 

decoder design. In the future decoder chip design, the second stage S/H cells should be 

designed without op-amp to save power and area aggressively. 

There are many S/H cells needed for the decoder according to the code size. For 

future large code decoder designs, they may occupy too much area, so there is a 
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possibility of using an out-of-chip input interface, which is not studied in this thesis work 

and is left for future work. If we do not consider the area problem, the fully differential 

S/H circuits should be a good choice for the input interface. More S/H circuits can be 

studied and the connection circuit (i.e. amplifying circuits) between in-chip computation 

core and the out-of-chip interface should be studied as well. 



 

 

CHAPTER 5 

OUTPUT INTERFACE/COMPARATORS 

After the discussion of the input interface, the output interface of the decoder is 

introduced in this chapter. The decoder core computation block outputs analog currents 

representing the possibilities of “0” or “1”, which need comparators to give the final hard 

decision. After comparison, the digital signals can be output serially using standard 

digital approaches. This chapter introduces the detailed comparator design along with its 

role in the decoder system performance. In Section 5.1, the basics of the comparators are 

introduced along with the comparator used in the decoder chip; then Section 5.2 gives the 

simulation results, also the test results are illustrated in the same section. 

5.1 Comparator Design Methodology 

As described in Chapter 2, the comparator is the major part of the output 

interface. A comparator compares the two input analog signals to output the digital 

signals indicating which one is greater or smaller. After the digital signals are given, the 

following signal processing can use standard digital approaches. In the decoder system, 

the current outputs from the core computation stand for the possibilities of the 

information bits. The final hard decision is given by comparing the possibilities of 

{ }inputbitp i 0=  and { }inputbitp i 1= . The code output bits decide the number of the 

required comparators used in the decoder. 
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The unique character of the comparator is that it combines analog signals and 

digital signals together. Although the output signals are digitized, comparators have some 

analog specifications, such as the input offset, charge injection (kickback errors), and 

resolution. Also a comparator has the concerns of speed, power, and bandwidth. Much 

research has been done on comparator design to improve the comparator’s speed, lower 

noise, and save power [56][57][58]. 

5.1.1 Switched-Capacitor Comparator 

From all the specifications for the comparators, the main resolution limitation is 

from the input-offset voltage and the charge injection error. The input offset might be 

caused by device mismatches or might be caused by design flaw or layout issues. 

Switched-capacitor comparators can solve the input offset problem since the offset is 

stored across the capacitor during the reset phase, and then the error is cancelled during 

the comparison phase. Figure 5.1 shows one simple switched capacitor comparator [39]. 

-

+C

in

S1

Vout

S1a

V S2

 

Figure 5.1 Switched Capacitor Comparator 

Although the switched capacitor technique eliminates the input offset errors, it 

introduces charge injection errors from the switches. Charge injection errors have been 

discussed in the previous chapter. The simplest way to reduce errors is to use large 

capacitors, which reduces speed and adds area. Again, the fully differential approach is a 

good way to cancel out the charge injection errors the same as in the last chapter. 
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However, it comes the expense of large area and slow speed. For the comparator, there is 

another approach to minimize the charge injection errors, which is a multi-stage 

comparator [39][43]. The idea is that the clock feedthrough of the first stage is stored on 

the coupling capacitors between two stages, and thereby eliminating its effect. This 

approach is always used together with the fully differential scheme to increase the 

resolution of the comparator. 

All these approaches try to get high resolution by sacrificing power, speed, and 

area, which is not applicable for the comparators in the communication chips. The most 

common case for the communication chip is to use a latched comparator, which is often 

used with multi-stages. The comparator used in this thesis work is introduced below. 

5.1.2 Multi-Stage Comparator 

Nowadays modern high-speed comparators often use multi-stage design 

[39][59][60], typically one or two preamplifier stages followed by a positive feedback 

with a latch stage. The preamplifier not only amplifies the signals, but also helps to 

minimize the kickback effects. Kickback denotes the charge transfer either into or out of 

the inputs when the next track-and-latch stage goes from track mode to latch mode. This 

charge transfer is just as the charge injection discussed in last chapter, produced by the 

channel charge flowing under the switching transistors. 

Although the multi-stage approach is limited in speed due to the need for the 

signal to propagate through all the stages, it can still be reasonably fast because each of 

the individual stages can be made to operate fast. Typically, each stage consists of a 

single-stage amplifier that has only a 90° phase shift and therefore does not need 

compensation capacitors. The comparator used in the decoder design is composed of 
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three stages: the differential amplifier, the track-and-latch, and the positive feedback 

stage. The details of these stages are discussed below. 

5.1.3 Differential Preamplifier 

The first stage of the comparator is usually a differential preamplifier. The 

differential amplifier is normally composed of one differential pair of amplifying 

transistors and one pair of load transistors. Since the amplifying or load transistors can be 

either P or N-type and the load transistors can be either diode connected or biased, there 

are totally four combinations, such as N-type amplifying transistors with P-type diode-

connected transistors, and so on. The differential amplifier used in our design has the P-

type amplifying transistors with the N-type diode connected transistors. The analysis is 

stated as below. 

The emphasis of the preamplifier lies more on the bandwidth and noise part 

instead of the gain since the following stage provides enough gain to the signal. The 

preamplifier can even work with a unity-gain, as long as it provides enough bandwidth 

and low noise. 

First, it is better to use pMOS transistors as the amplifying transistor since 

electrons are more susceptible to noise than holes. It is said that electrons are more likely 

to be trapped-and-released, which is one of the physical causes of flicker noise [61], 

which is discussed in more detail in Chapter 6. Therefore, having a differential pair with 

p input transistors inherently reduces the noise level after amplification of the signal. 

However, it comes with lowered gain or increased area. The gain of a differential 

amplifier is the product of the transconductance of the amplifying transistor and the 

resistance of the load transistor. The transconductance of the amplifying transistor is 
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proportional to the mobility, and also the area. Since the mobility of the holes is three 

times less than for electrons, three times more area needs to be used for the pMOS 

amplifying transistor to obtain the same gain. However, the increased size also means 

less flicker noise since it is inversely proportional to the transistor gate area. 

There is also trade-off between the diode-connected load and the biased load. The 

diode-connected load provides a smaller resistance than the directly biased one, which 

means the diode-connected load provides lower gain. However, the bandwidth of the 

amplifying transistor is inversely proportionally to the load resistance and the load 

capacitance. For the preamplifier, again the gain is sacrificed to the bandwidth, so the 

diode-connected nMOS load is chosen for our application. 

The final differential amplifier used in the communication chip is shown in Figure 

5.2, where a pair of current mirrors is added to transfer the current inputs into the voltage 

inputs. 

outm

Differential Amplifier

M1 M2

inm

M3

outp

M4M5

Vdd

inp

M6

 

Figure 5.2 Differential Preamplifier Stage 
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With the schematic shown in Figure 5.2, the gain and speed of the differential 

amplifier are calculated below. By expressing Rout and gmp as the function of ID, 
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the gain of the differential amplifier is calculated as: 
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Since nm  is three times bigger than pm , the width-length-ratio of the pMOS 

transistor should be at least three times bigger than the one of the nMOS transistor to 

achieve unity-gain. 

The speed of the comparator is calculated by combining the speed analysis of 

every stage. The time constant of the differential amplifier is given by Loutpreamp CR=t , 

where Rout is the output resistance and CL is the load capacitance. They are calculated as 

following: 
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where Wnext and Lnext are the width and length of the input transistor at the next stage. 

Equation 5.3 is a rough approximation excluding other drain-source capacitances and the 

overlap capacitances. From Equation 5.3, bigger load transistor and smaller input 

transistor of the next stage should be used to get higher speed. With AMI 0.5mm 

technology, s/Vcm467 2 ×=nm , if � m1.2== nnext LL , V5.0=effnV , then 

ns18.0×=
n

next
preamp W

W
t . Even if the same width is used for two transistors, the time 

constant corresponds to frequency above 1Ghz, which far above that required for the 

decoder application. 

The above analysis is based on above-threshold operation. It can be seen that the 

speed is proportional to the effective voltage of the nMOS load transistor while the gain 

is not associated with the drain current. However, those equations should be rewritten 

when the nMOS works in the subthreshold region. According to Equation 2.8, the 

transconductances of the transistors are calculated as: 
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==        (5. 7) 

The gain of the preamplifier reaches unity no matter the size of the transistors since the 

gain is the ratio of the two transconductances. Also the time constant of the preamplifier 

working under subthreshold region is rewritten as: 
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It can be seen that the speed is proportional to the drain current and inversely 

proportional to the area of the transistors at the next stage. 

The circuit in the communication chip is supposed to work in the subthreshold 

region. Therefore, the analysis for subthreshold operation is essential to the preamplifier 

design. Again with the parameters, 2' � mfF48.2 /Cox = , 7.0=k , mV26=TU , 

� m1.2� m/1.5/ =nextnext LW , nA50=DI , then ns20=preampt . This speed corresponds to a 

frequency of 10MHz. Hence, the preamplifier also satisfies the subthreshold application 

in the decoder design. However, if there is a higher speed requirement for future 

decoders, more research should be done to increase the comparator speed. 

5.1.4 Track-and-Latch Stage 

Once the differential input is preamplified, the signal needs to be quickly latched 

to “Vdd” or “Gnd” to be digitized. The track-and-latch circuit is the perfect circuit to do 

this job [39]. The circuit used in the decoder design is illustrated in Figure 5.3. The two 

input ports, “inp” and “inm”, are connected with the outputs from the previous 

differential preamplifier. 

During the state when the latch signal is low, voutp and voutm are both connected 

to the source voltage Vdd via M9 and M10 and precharged. As soon as the latch goes to 

high, the circuit enters the latching mode and the positive feedback is enabled. M5 and 

M7 form one inverter while M6 and M8 form the other. The two inverters are cross-

coupled as modeled in Figure 5.4(a). Now either M1 or M2 provides a less resistance to 
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ground depending on their gate potential (the voltage input for “inp” and “inm”). This in 

turn leads to the corresponding output node discharging in a comparatively less amount 

of time than the other node. Thus either voutp or voutm starts going low and the cross-

coupled inverters accelerate this action by positive feedback. This action is then further 

intensified by the positive feedback stage following this stage. Finally one node sustains 

the logic “1” level while the other drops to the logic “0” and completes the comparison 

with digital outputs. 

vlatch

voutp voutm

vlatch

voutp

inp

Vdd

inm

voutm

 

 Figure 5.3 The Track-and-Latch Circuit 

The time constant of the latch can be found when working in the latching phase. 

The analysis is based on the simplified model of two back-to-back inverters, as Figure 

M1 M2 

M3 M4 

M5 M6 

M7 M8 

M9 M10 
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5.4(a), where each inverter is modeled as a voltage-controlled current source driving an 

RC load, as shown in Figure 5.4(b). 
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(a)     (b) 

Figure 5.4 Back-to-Back Inverters as a Latch Model 

(a) Back-to-Back Inverters as a Latch Model  (b) A Linearized Model of the Latch Stage 

The inverter’s transconductance is given by LVm RAG /= , where AV is the 

inverter’s gain. With this model, we can get: 
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Let yx VVV -=D  and LLCR=t , Equation 5.7 and 5.8 are combined as: 
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Therefore, the time constant of the latch is expressed as: 
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where K is a constant between 2 and 4. If the necessary voltage difference to reach the 

logic level of the inverter is logicVD , 0VD  is the initial voltage difference, the required 

time for the voltage change is expressed as: 
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From the AMI 0.5mm technology, assuming 3=K , mL m1.2= , s/Vcm467 2 ×=nm , 

V5.0=effV , V2=D logicV , mV100 =DV , ns245.0=latchT , then the required clock period 

is about 0.5ns, which means a clocking frequency of 1GHz. This speed is already high 

enough, however, again the analysis is based on the above-threshold operation with 0.5V 

effective voltage. If the circuit is operating at subthreshold region, the time constant is 

calculated as: 
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  (5. 14) 

If the same parameters are used for the calculation, 3=K , 2' � mfF48.2 /Cox = , 

� m1.2� m/1.5/ =nextnext LW , mV26=TU , 7.0=k , nA30=DI , V2=D logicV , 

mV100 =DV , then s75.0 m=latchT , which corresponds to clocking frequency of 500kHz. 

Figure 5.5 draws the relationship between ID and Tlatch when the circuit is working at the 

subthreshold region. It is easily seen from Figure 5.4 that the time constant rises to the 
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microsecond level from the nanosecond level at above-threshold region, which means the 

circuit can only operate under 1MHz when it is operates in the subthreshold region. 

 

Figure 5.5 Time Constant at Latching Phase of Subthreshold Operation 

5.1.5 Positive Feedback Stage 

As said before, there is a positive feedback stage after the track-and-latch circuit 

to get the full swing of the digital signal, which can be realized by a set-reset (SR) latch. 

The circuit is basically a digital implementation. Adding with this stage, the whole 

comparator is then shown in Figure 5.6. 
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5.2 Simulation and Testing of the Comparators 

After the design for the comparator, simulation results are presented in this 

section, along with input offset estimation. The estimation uses Monte-Carlo simulations 

with the mismatch data presented in Chapter 3. 

5.2.1 Simulation Results 

The simulation is based on AMI 0.5mm technology and it is run in TSPICE. 

Figure 5.7 (a) and (b) show the simulation results with the input current levels of 30nA 

and 2mA respectively. The output data file from TSPICE is processed in MATLAB. The 

time difference between the input trigger signal “vlatch” and the output signal “voutp” is 

the delay time. Comparing Figure 5.7(a) with Figure 5.7(b), the comparator works much 

slower when the current level drops, which is the same as expected. The delay time is the 

same as predicted in Equation 5.14. The comparator can work up to 500kHz when 

operating at 30nA current level while it can work with much wider bandwidth when 

operating at 2mA current level. 
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(a) 
 

 
(b) 

 
Figure 5.7 Simulation Results for Different Input Currents 

(a) 30nA Input =Current Level (b) 2mA Input Current Level 
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Except for speed consideration, the power consumption from the comparator is 

also analyzed. The power consumption is increased with increased input current level. 

However, even with the 2mA input current, the power consumption is still only around 

the range of 10-6W, which is negligible comparing with the power consumption in other 

part of decoder. That reaches a conclusion that there is no need to put much effort on 

power consumption deduction in the output interface. 

5.2.2 Monte-Carlo Simulation 

The above simulations can predict the speed of the comparator, but it cannot tell 

how much the input offset error the comparator is going to have. To estimate the input 

offset error, Monte-Carlo simulations are performed. 

Since the transistor’s operation mainly depends on its threshold voltage, which is 

varying among different transistors. The variation of the threshold voltage is often a 

cause to mismatch error and input offset. In the Monte-Carlo simulations, the threshold 

voltage is set as a Gaussian variable mean of Vth0 given in the process data. The variance 

for this random variable is obtained from the mismatch testing in chapter 3. The 

simulations are run 1000 times with a varying Vth0 for every different transistor. For the 

1000 simulations, the other parameters are kept unchanged with two DC input currents. 

The output from the comparator is a logical 1 or 0. The percentage of the logical 1 for the 

1000 simulations is recorded. Ideally the percentage should be 50% if we give the same 

input currents to the two input ports. Varying the offset between the two DC input 

currents gives different percentages. If the x-axis is the different input current offset and 

the y-axis is the percentage, a cumulative distribution function (CDF) curve of a Gaussian 

distribution is given. From this curve, the variance of the input offset voltage is 
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calculated. The CDF curve from Monte-Carlo simulations for 300nA current level is 

shown in Figure 5.8 as an example. 

Data from simulation (300nA)
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Figure 5.8 Monte-Carlo Simulation Results for Comparator Current Input Offset 

Since the decoder cares more about the current level in subthreshold operation 

region, the current levels are selected mainly under 1mA. Totally six current levels are 

selected. After obtaining the figures, we can calculate the current input offset variances 

for different input current level. The variance and the normalized variance are listed in 

table 5.1. 

Table 5. 1 The variance for the input offset current of different input current level 

inputI  

(nA) 

)( offsetIs  

(nA) input

offset

I

I )(s
 

30 14.46 48.19% 

100 36.68 36.68% 

300 75.68 25.23% 
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500 103.96 20.79% 

1000 160.84 16.08% 

10000 1233.4 12.33% 

To further analyze the simulation results, the normalized offset variances for 

currents under 1� A are shown in Figure 5.9. The tradeoff between power and noise is 

shown from the figure. There are less mismatch errors when increasing the current level, 

which is what we expected. 

 

Figure 5.9 Normalized Offset Variance vs. Current Level 

For subthreshold and moderate inversion operation, the current can be expressed 

in EKV model as Equation 3.26, then the transconductance can be derived to be: 
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From this equation, gm/ID vs. ID curve is shown in Figure 5.10, it can be seen that 

Figure 5.9 has the same trend as Figure 5.10. The offset is proportional to gm/ID value. 

 

Figure 5.10 Gm/I vs. I from EKV model 

FromFigure 5.3, the input transistors of M1 and M2 exhibit the most offset 

effects. For a single transistor as M1, its mismatch effect is inversely proportional to its 

input gate voltage. From the definition of the transconductance, the reciprocal of gate 

voltage is proportional to Gm/I value, that’s why the offset should exhibit the same trend 

as Gm/I. This is proved in the above simulation results. 

5.2.3 Comparator Testing 

The test of comparator mismatch is based on 16 identical comparators 

manufactured in the same chip. Four-bit binary controlling signals are used to select one 
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of the comparators for testing. For each comparator testing, the negative input port is tied 

with a fixed reference current while the positive input port is swept with current close to 

reference current using binary testing method. The output voltage flips at certain current 

above or below the reference current, which is recorded as the input current offset. 

Totally five identical chips are tested. After obtaining the testing data, the mean and 

variance of input current offset for each chip are calculated and normalized afterwards. 

Finally we average the data from five chips and the final data for different current level 

are shown in Figure 5.11. 

 

Figure 5.11 Test Results of Input Offset Error from Five Chips 

From the figures, the testing results show clear trend of decreasing offset effect 

with increasing current level. However, there is an offset error since the data varies from 
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positive region to the negative one. The cause of the measurement offset has not been 

found. Luckily, it does not affect the verification of the comparator design. 

Basically the data are still convincing since the offset mean value and variance 

show the right range and are with the same trend among the five chips. There are only 16 

comparators in one chip, which is too small a number to show the Monte-Carlo 

distribution. There is another reason the measured offset results do not show clear Monte-

Carlo distribution is that the five chips are manufactured in one wafer closely and all the 

comparators may be distributed in the same direction. The variance calculated from the 

testing is only for verification of the measurement correctness. 

The mean value curve from testing in Figure 5.11 is compared with Figure 5.9 

from simulation. The percentiles in Figure 5.9 stand for the variances of possible input 

current offsets from Monte-Carlo simulation while the percentiles in Figure 5.11 stand 

for the average from measured current input offsets of five chips. The absolute values 

would not be exactly the same between the two curves, however, the trends and ranges of 

two curves are compared. With the increasing current level, the comparators have smaller 

input offset effects. It is also shown that the percentiles from the two figures are in the 

same range, and the percentile difference between two current levels is compatible 

between the two figures. 

This shows that the Monte-Carlo Simulation used with measured mismatch data 

can give a reasonable estimation for the comparator input offset. These analyses are 

important to the decoder performance estimation. As stated in Chapter 3, the mismatch in 

the comparators affect the decoder’s performance. This effect is more obvious with low 
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current implementation, when the comparator has a greater offset. Therefore, it is very 

important for the decoder, which operates better in subthreshold. 

This chapter gives detailed analysis for the comparator used in our design. For a 

larger code decoder design, there is no need to improve the power performance in the 

comparator part since it consumes much less power than the other analog circuits in the 

decoder design. However, in a future design, more work should be done in improving the 

current comparator mismatching performance. Especially when there is a need for a high-

speed comparator, more comparator designs should be explored. There are many other 

studies for the comparators, some of which try to compensate the offset and charge 

injection errors [60]. Perhaps a switched capacitor comparator has better performance at 

the perspective of offset errors, but it consumes more area [58]. 

 



 

 

CHAPTER 6 

CORE DESIGN 

The input interface and output interface of the analog decoder are described in the 

previous chapters. This chapter introduces the computation cell design in the decoder 

core. The design issues include noise, chip area, and power consumption of the analog 

circuits. The different cells of the decoder are introduced in Section 6.1. Section 6.2 

introduces the noise analysis for one cell of the decoder. Along with the noise analysis, 

an improved cell design is given. Section 6.3 gives the simulation results for these 

different cell designs. Finally, Section 6.4 illustrates the testing results. 

6.1 Computation Cells in the Decoder 

Decoders use a variety of computational cells to realize a complete decoding 

algorithm [25]. The decoder we are building uses differential pair cells, multiplication 

cells, and normalization cells. 

6.1.1 Differential Pair Cell 

As introduced in Chapter 2, the decoder has analog voltage inputs representing 

the log-likelihood ratio (LLR) of the currents. A differential pair is used to transfer these 

LLR voltages into currents. The differential pair circuit used in the decoder is shown in 

Figure 6.1. 
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Figure 6.1 Differential Pair 

When the differential pair is working in the subthreshold region, the current is an 

exponential function of voltage as shown in Equation 2.8. The relationship between the 

input voltages and the output currents of this circuit can be expressed as: 
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where a = k/UT » 27 V-1 at room temperature. Given the parameter a, we can calculate 

the corresponding input voltage level to represent the LLR value when the current values 

I1 and I0 represent probabilities of 1 or 0. 

6.1.2 Computation Cell 

The output currents from each differential pair are sent to the computation cells. 

Typically, computation cells following differential pairs complete the sum-product 

operations. In the computation cell, as stated in Chapter 2, the decoder uses a Gilbert cell 

for multiplication and then adds the currents by tying their wires together. These 
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operations are introduced in detail in Chapter 2 and the Gilbert cell is shown in Figure 

2.3. The figure of this circuit is not repeated here, but it is shown later when combined 

with the normalization cell. 

6.1.3 Normalization Cell 

All the output currents in the decoder must be normalized, so the normalization 

cell is added for any combination of multiplication functions. Another reason for the 

normalization cell is to transfer current outputs from nMOS transistors into current 

outputs from pMOS transistors. Then the output currents can be used for nMOS inputs at 

the next stage. The normalization cell is also implemented as a Gilbert cell. 

With 2×2 inputs, a basic multiplication cell with four outputs is illustrated in 

Figure 6.2. Typically the input currents of inB0 and inB1 are normalized with the same 

Inorm current. Therefore, the output current is written as the normalized current product of 

the corresponding inA branch and inB branch. For example, the output current of out00 is 

written as: 
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Figure 6.2 2×2 Inputs Computation Cell 

The cell in Figure 6.2 is symmetrical. Therefore, only half of the cell is used in 

the performance analysis. This basic half-cell already includes both a computation cell 

and a normalization cell as shown in Figure 6.3. 
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Figure 6.3 Basic Cell for the Decoder Computation Core 

Transistors M1, M2, M3, M4, M5, and M6 form a Gilbert multiplication cell, as 

originally shown in Figure 2.3. The output currents flowing through M4 and M5 are the 

products of the normalized current of the inA branch with the current of inB (i.e. 

inB
inAinA

inA
×

+ 10
0

 and inB
inAinA

inA
×

+ 10
1

, respectively). Afterwards, the currents are 

normalized through transistors M7, M8, M9, and M10, which are combined as a pMOS 

Gilbert cell. The output currents from the pMOS transistors are the products of the 

corresponding current inA and the normalization current. 
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Figure 6.3 includes the basic functions that are used in the decoder design, so it is used 

for noise analysis in the following section. 

6.2 Noise Considerations 

Noise analyses can be performed based on both time-domain analysis and 

frequency-domain analysis. In the time-domain, usually a root mean square (rms) value is 

used to calculate the noise power: 
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v       (6. 5) 

where T0 is a suitable averaging time interval. A longer T0 is preferred to give a more 

accurate rms measurement. It is customary to let T0 go to infinity to calculate the noise 

power. 

It is common to analyze the noise in the frequency domain, where noise is 

represented by its power spectral density (PSD). In the frequency domain, the noise 

spectrum shows how much power the noise carries at a certain frequency. The voltage 

noise has units of HzV/ . 

It is important to note that the noise discussed in this chapter is not extrinsic noise 

(or interference), which results from unwanted coupling between the circuit and the 
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outside world. Rather, we consider the intrinsic noise produced by the transistors in the 

circuit. An example of extrinsic noise is power supply noise; this type of noise may or 

may not appear as a random signal. For MOS transistors, thermal noise and flicker noise 

are the dominant sources of intrinsic noise considered in the circuits [61]. 

6.2.1 Thermal Noise 

Thermal noise poses a fundamental limitation on the precision of analog circuits. 

Thermal noise is generated by the random thermal motion of electrons in the channel 

[61]. From theory, the thermal noise is directly proportional to absolute temperature T 

and it also approaches zero when T approaches zero. Thus, thermal noise sets 

fundamental limits on the dynamic range achievable in electronic circuits. 

Thermal noise is “white,” which means its PSD is a constant, not a function of 

frequency. For example, the thermal noise from a transistor can be expressed as 

fluctuations in its drain-source current having the following variance: 
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where the factor of 2/3 is an empirical parameter that may vary slightly with the process 

and the drain-source voltage [62][63]. 

6.2.2 Flicker Noise 

Flicker noise, also known as 1/f noise, is a type of noise found in all active 

devices. Different than thermal noise, flicker noise only exists in association with a direct 

current. The origin of flicker noise varies, but it is caused mainly by traps associated with 
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contamination and crystal defects [39][64]. This is the primary reason why MOSFET 

transistors have higher levels of flicker noise than bipolar transistors, since the silicon-

SiO2 boundary under the gate contains many traps. These traps capture and release holes 

or electrons in a random way such that the noise signal has energy concentrated at low 

frequencies. As its nickname suggests, the power spectral density of the flicker noise is 

usually proportional to 1/f as: 

b

a

n f
I

Kfi =)(2         (6. 7) 

where a is a constant observed to lie in the range 0.5 to 2 while b is a constant around 1. 

K is also a constant and I is the DC current. Usually K cannot be determined by theory 

and varies for different processes. The flicker noise from a transistor is modeled in the 

next section. 

6.2.3 Noise Model for a Transistor 

Adding thermal noise and flicker noise together, the noise model for a transistor is 

shown in Figure 6.4(a). Usually the flicker noise is more easily modeled as a voltage 

source in series with the gate in the transistor noise model, which is shown as vgn in 

Figure 6.4(a). The drain-source current source of idn represents the thermal noise in 

Figure 6.4(a). When the transistor is operating at low and moderate frequencies, the noise 

model can be simplified as one single voltage noise source vi,n in series with the gate as in 

Figure 6.4(b) [39][65]. 
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(a)    (b) 

Figure 6.4 The Noise Model for One Single Transistor 

(a) Complete Noise Model (b) Simplified Model for Low and Moderate Frequencies 

The voltage noise and the current noise are expressed in Equation 6.8 and 

Equation 6.9. Combining these two equations, the simplified noise model is expressed in 

Equation 6.10. 

fWLC
K

v
ox

gn '
2 =        (6. 8) 

mdn gkTi �



�
�
�

�=
3
2

42        (6. 9) 

fWLC
K

g
kTv

oxm
ni '

2
,

1
3
2

4 +�



�
�
�

�=       (6. 10) 

6.2.4 Noise Calculation for the Decoder Cell 

The noise analysis starts from the transistor thermal noise calculation. The basic 

computation block within the core, as shown in Figure 6.3, includes all the basic circuit 

blocks, so it is used for noise calculations. The node numbers are denoted in the figure. 

As discussed in [43], the noise from a differential pair can be calculated from one branch 

2
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of the pair, and the total noise power is simply twice of the calculated noise power. With 

this in mind, the noise analysis for Figure 6.3 can focus on left side of the circuit, from 

input inA0 to output out0, mainly the transistors M3, M4, M7 and M8. The current noise 

from M3 is combined with the gate voltage noise of M4: 
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This gate voltage noise causes the current noise in M4, and therefore produces the 

voltage noise at node 8. Except for this branch of noise, the noise caused by M8 and M7 

are also combined into the gate voltage noise at node 8: 
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The output current noise at node out0 is presented by the product of the gate voltage 

noise at node 8 and the transconductance of M7: 
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Substituting Equation 6.11 into Equation 6.12, and then substituting Equation 6.12 into 

Equation 6.13, the output current noise is calculated as: 

��



�
��
�

�
×+×++×=

2
8

2
7

3

2
4

2
8

2
7

4
8

2
7

7
2

0, 3
8

m

m

m

m

m

m
m

m

m
moutn g

g

g

g

g

g
g

g

g
g

kT
i    (6. 14) 



 

 

105

As stated above, the total output current noise power is twice of the calculated noise 

power: 
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The gain from the input port of inA0 to the output port of out0 can be approximately 

written with the device transconductances as: 
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Using Equation 6.15 and 6.16, the input-referred noise from inA0 port can be calculated 

as: 
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 (6. 17) 

The flicker noise of each transistor is modeled in Equation 6.8. With the same 

analytical method, the input-referred noise from flicker noise can be added. Supposing 

the transistors have the same flicker noise parameter K, the final noise power adding to 

Equation 6.17 is as follows: 
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This expression for the input-referred noise power can be used to guide the sizing 

of the transistors in the computation cell, as shown in the following subsection. 

6.2.5 Resizing of the Computation Cell 

In previous decoder designs, the transistors are drawn having identical widths and 

lengths [8]. However, this uniform device sizing does not give the best noise 

performance. Equation 6.17 tells us that smaller gm3 and gm8 and larger gm4 and gm7 give 

better noise performance. To relate transconductance with transistor size, two transistor-

operating regions should be considered separately. 

In the subthreshold region, transconductance is only proportional to drain current, 

as shown in Equation 5.7. While working in strong inversion, transconductance is 

proportional to the square root of the transistor width-length ratio. In reality, there is no 

clear boundary between strong inversion and weak inversion. Equation 2.6 gives a rough 

boundary approximation using drain current. If the drain current is bigger than 10IS, the 

transistor is considered as working under strong inversion, while the transistor is working 

under weak inversion if the drain current is below 0.1IS. IS is expressed in Equation 2.7, 

and is proportional to the transistor width-to-length ratio. A bigger IS lets a transistor 

work in weak inversion region more easily and vice versa. Therefore, even with the same 

drain current, a wider transistor operates in the subthreshold region while a narrower 
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transistor operates in the above-threshold region. Thus, the transconductance varies 

significantly in moderate inversion as we change W/L with a fixed drain current. 

From the flicker noise analysis in Equation 6.18, if we set the transconductance 

ratio of M8 and M4 small enough, the area of M7 and M8 is less important as compared 

with M3 and M4. Since the mobility of the pMOS device is three times less than that of 

the nMOS device, the transconductance of M8 is smaller than that of M4 even when the 

same size while working in the strong inversion region. However, the transconductance 

of M4 and M8 are the same when working in the weak inversion region. Therefore, it is 

best to let M8 work in the strong inversion region and M4 work in the weak inversion 

region. This is the basic idea used to set different sizes of the transistors in the 

computation cell. Typically the input transistors have a dominant influence on the flicker 

noise if the transconductance of the transistors are set correctly [66][67]. 

To calculate transconductance, the EKV model discussed in Chapter 3 gives a 

good model covering all regions of operation from strong to weak inverison. From 

Equation 3.26, the transconductance can be calculated as following: 
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IS is shown in Equation 2.7 as a function of transistor width-to-length ratio. Figure 6.5 

shows the relationship between transconductance and width-to-length ratio from the 

above equation. The curve is plotted for 500nA of drain current. 
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Figure 6.5 Gm-W/L Curve with 500nA Drain Current 

It can be seen that the transconductance drops significantly when the width-length 

ratio drops below 1. Therefore, with the same drain source current, M3 and M8 are drawn 

as narrow transistors while M4 and M7 are drawn as wide transistors. With this 

reconfiguration, the system has less input-referred noise according to Equation 6.18. 

Equation 6.18 also shows the contributions of flicker noise. Although it is hard to 

model the flicker noise with fixed parameters, flicker noise is inversely proportional to 

the transistor gate area. However, bigger transistors lead to degraded operating speed 

since circuit time constants are proportional to the gate capacitance. Fortunately speed is 

not necessarily the dominant concern in a large code decoder. The computation cell is 

working in parallel after all the input bits arrive, which means the required speed for 

computation cells is only the data throughput divided by the code size. This consideration 
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is discussed in Chapter 2. However, small transistors are much preferred in the 

computation cell for area reasons. As indicated in Chapter 3, the computation cells are 

duplicated many times for large codes. 

With all the basic performance requirements, the transistor size can be decided by 

the code size based on area. For a decoder, the first step is to set an area requirement, and 

then the corresponding optimized transistor sizes are set. For example, if the transistor 

area is fixed to only 8� m2 and the minimum length used is 2� m, it is the best to set the 

width length ratio of diode-connected transistors to 2� m/4� m and the other transistors to 

4� m/2� m. 

To compare performance with different transistor sizing, three different cells are 

built. One cell is built with all the transistors sized with 4� m/2� m; the second one is built 

with the transistor size indicated in last paragraph; finally the third one is built with 

transistors with larger area, but the same width-length ratios as the second one. 

6.3 SPICE Simulations 

SPICE simulations can effectively check the design and provide the comparison 

among different cells. SPICE also offers optimization functions to obtain an optimized 

design for complicated cells. The simulation results are presented in this section. 

6.3.1 AC Simulation 

The AC simulation for the cell is run from 1Hz to 1MHz, which covers the 

needed frequencies for decoder operation. The simulation tool used is TSPICE. The 

simulated cells are described in the previous section. The first cell is denoted as 
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“cellbefore”, the second cell is denoted as “cellafter”, and the last cell is denoted as 

“cellbigger”. 

The cells are simulated with different input current levels. The SPICE model 

provided by the silicon foundry did not include flicker noise parameters. Therefore, the 

simulation results only show the thermal noise effects. From the thermal noise 

calculation, “cellafter” and “cellbigger” should have the same noise level since the width-

length ratio is the same between these two cells. The simulation results are listed in Table 

6.1. It can be seen that the trend is the same as we predicted in the previous section: 

“cellafter” has much less input-referred noise power than “cellbefore,” while there is little 

difference between the noise performance of “cellafter” and “cellbigger”. The minor 

difference between the latter two cells may come from slight different width-length ratio 

due to the “effective length” effect. 

Table 6. 1 The Noise Simulation Results for Different Cell Designs 

Input current level 
(nA) 

CellBefore 
hzrms/A10-12 ×  

CellAfter 
hzrms/A10-12 ×  

CellBigger 
hzrms/A10-12 ×  

30 0.422 0.259 0.258 

300 0.960 0.486 0.490 

1000 1.492 0.692 0.695 

 

With some flicker noise parameters measured from previous chip testing, the 

flicker noise could be simulated as well. The effect of the flicker noise is shown in Figure 

6.6. The input-referred current noise power is shown as a function of frequency. The 

curves are shown with the input current level of 300nA. From the figure, “cellbigger” 

exhibits the least flicker noise effect as designed. 
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Figure 6.6 Cell Noise Simulations 

6.3.2 Optimization Simulation 

For more complicated cells, it is good to use optimization simulations provided in 

SPICE tools. To illustrate the use of the function, the cell in Figure 6.2 is used as an 

example. In order to let SPICE find the best size for the transistors, the fist step is to 

separate the different transistor functions. Four groups of transistors can be set in Figure 

6.2: the diode-connected nMOS, the computation nMOS, the diode-connected pMOS, 

and the computation pMOS. The next step is to set a fixed area for those cells according 

to the code size requirement. Finally, the optimization function in SPICE is used to find 

the best size for each group. As the example, the simulation code is listed below: 

.ac DEC 50 1 1e6 
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.noise v(out00) iin 

.print noise inoise(total) 

.measure ac minnoise min inoise  

.optimize opt1 model=optmod analysisname=ac 

.paramlimits opt1 WPmirror guessval=2u minval= 2u maxval= 30u 

.paramlimits opt1 WPcell guessval=2u minval= 2u maxval= 30u 

.paramlimits opt1 WNmirror guessval=2u minval= 2u maxval= 30u 

.paramlimits opt1 WNcell guessval=2u minval= 2u maxval= 30u 

.optgoal opt1 minnoise=1.5e-15 minval=1e-15 

.model optmod opt cendif=1e-9 close=0.001 cut=2 difsiz=1e-3 grad=1e-6 

+      itropt=100 max=600000 parmin=0.1 relin=0.001 relout=0.001 

.end 

 

The simulation results from this example showed the same trend as the one we 

designed previously. The diode-connected transistors should have smaller width-length 

ratio while the other transistors are wider. These results further prove the correctness of 

the proposed design methodology. Also, it shows the optimization tool is a good choice 

for future complicated cell designs, which may be difficult to solve with analytical 

calculations. 

6.4 Testing Results 

The three different cells are built in a test chip with AMI 0.5� m CMOS 

technology. The noise performance of the circuits is then measured in the laboratory. 

6.4.1 Test Setup 

The output from each tested cell is connected through a low-noise preamplifier 

(Stanford Research Systems SR560) to a 100-kHz spectrum analyzer (Stanford Research 

Systems SR785). The cell is given a particular dc current level as input, and the output 

current noise rms value is recorded by the spectrum analyzer. At each dc current level, 
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the gain of the tested cell is also tested. Finally the input-referred current noise rms value 

of the corresponding cell is calculated as the output current noise power divided by the 

gain. 

6.4.2 Test Results 

Using the described setup, the test results are listed in Table 6.2. 

Table 6. 2 The Noise Testing Results for the Different Cell Design 

Input current level 
(nA) 

CellBefore 
Hzrms/A10-12 ×  

CellAfter 
Hzrms/A10-12 ×  

CellBigger 
Hzrms/A10-12 ×  

30 1.335 0.822 0.521 

300 7.420 3.590 2.272 

1000 14.247 8.562 5.314 

 

The noise has the same trend as predicted in by our calculations. Comparing 

Table 6.2 with Table 6.1, we see that the measured noise is higher than this simulated 

noise. This is because the measured noise includes the flicker noise effect. Also because 

of the flicker noise effect, “cellbigger” has the least input-referred noise, as we predicted. 

From the testing results, “cellafter” has around half the noise of “cellbefore” for 

each current level, although the two cells have the same area. The noise difference 

between “cellafter” and “cellbigger” is significant, but not as large. It illustrates the 

advantage of using different width-length ratio among transistors if there is more room to 

change the ratio when the area and minimum transistor length allow. 

Our simulation results and the experimental results confirm the basic guideline of 

sizing the computation cell in the decoder. Transistors realizing the Gilbert multiplication 

function should be designed with a larger width-length ratio, while the diode-connected 
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transistors should be designed with a smaller width-length ratio. Within the constraints of 

the limited layout area requirement, bigger transistors (larger gate area) have less flicker 

noise. 

As predicted by our noise analysis, the redesigned computation cell has much 

lower input-referred noise than the previous one although they consumed the same layout 

area. Further study can be extended to the optimization tool provided by the SPICE 

simulation.



 

 

CHAPTER 7 

CONCLUSIONS & FUTURE WORK 

After separate block analyses for analog error control decoders, the conclusions of 

this dissertation are reached in this chapter, along with future work. 

7.1 Conclusions 

This dissertation has demonstrated the feasibility of realizing MAP-style soft error 

control decoders with analog CMOS circuits. Although many researchers have studied 

these decoder designs, there has been little in-depth circuit-level analysis of the analog 

decoders. In this dissertation, we have presented complete analyses for optimizing the 

analog subcircuits used in decoder designs. 

The decoder design is based on an extended (8, 4) Hamming code decoder chip, 

which is fabricated in AMI 0.5µm technology. The decoder utilizes serial input/output 

interfaces to accommodate the need of traditional communication applications. The 

decoder chip is tested with 3.3V power supply and several different throughput rates. The 

test results prove the robustness of the system, which can be extended to similar soft-

input decoders using the MAP algorithm. This is the first real test data from those kinds 

of analog decoders. 

The focus of this dissertation is the circuit level analyses for every subcircuit used 

in the decoder design. The decoder can be specified as three blocks: the input interface, 
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output interface and computation block. Sample-and-hold, comparator and multiplication 

cells are the major circuits used in these three blocks, respectively. This thesis covered 

both the design methodology of these circuits and experimental results measured from 

fabricated chips. The tradeoffs among noise, power, area and speed are characterized. 

Finally conclusions are reached for each circuit to determine the most suitable circuit for 

the desired decoder. 

7.2 Future Work 

Although this thesis work has given insight to the analog circuit design 

methodology for decoder design, there is still more research to be done in this area. This 

is also an interesting topic in analog circuit applications. This section lists the direction of 

future work related to this research. 

7.2.1 Large Code Decoders 

The decoder discussed in this dissertation used a small code size. The circuits 

studied in this thesis have not yet been applied to large-code decoder designs. This is the 

main focus of future work, which is to realize analog large-code decoders. 

With the increase of code size, an off-chip input interface should be used in future 

research. Since the pipelined architecture requires two S/H stages and every stage 

requires two S/H cells to provide the differential inputs, the input interface may consume 

too much chip area for successful integration. Moreover, the main power consumption is 

from the input interface, future work should consider the merit of an off-chip input 

interface. 
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The algorithm itself is robust with even larger codes, however, the related 

interface design should be analyzed with a higher weighting given to area consumption 

and speed, based on the tradeoffs discussed in this dissertation. 

7.2.2 Circuits Considerations 

There are always numerous circuit designs available and no end of novel analog 

circuit research. For example, other current comparator designs, including switched 

capacitor comparators, are not covered in this thesis but should be investigated in the 

future for the consideration of less mismatch error and higher speed. 

In Chapter 6, we have indicated that automated optimization can be used for cell 

design. With increasing cell complexity, automated optimization is more demanding and 

more efforts can be made in this area. 

7.2.3 Coding Theory 

In this dissertation, the analog circuits are only applied to one decoding 

technology, i.e., extended (8, 4) Hamming code decoding. There are many other error 

control coding theories which are not realized and tested in CMOS yet. They are also 

suitable for the analog decoder application. Space time coding theory [68][69][70] is one 

example, which is used for some constantly changing channel. Therefore, more research 

should be done in order to implement analog circuits with more advanced coding 

theories. 

7.2.4 Testing 

As stated in chapter 2, there are some testing limitations caused by equipment. 

These restrictions cause performance loss and set a limit on testing speed. Moreover, we 
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want to use importance sampling [71] for high SNR applications to save time. Since the 

importance sampling method uses the error center of a code, it requires a more accurate 

test setup. More robust test setup should be further investigated. 
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